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Abstract

This dissertation describes Phase Locked Loop (PLL) based Local Oscillator (LO)
designs for RF front-end modules targeting wideband wireless communications sys-
tems from microwave to millimeter-wave ranges. With the increase of the operating
frequencies in wireless transceivers, it becomes more challenging to deliver fully in-
tegrated LO signals with high performance. In conventional single loop PLLs, the
comparison frequency is restricted by the speed and noise of the phase frequency
detector, which increases the in-band phase noise and the phase lock time. In this
thesis, a novel dual loop PLL topology with a higher comparison frequency and a
wider loop bandwidth is investigated: a frequency acquisition loop speeds up the
lock time; a phase locked hold loop improves the phase noise and spurious levels.
The trade-offs between the loop bandwidth, phase noise and lock time are much
more relaxed than in conventional PLLs. The LO generator is fully integrated in
a 0.25μm SiGe BiCMOS technology. The designs benefit from the high speed, low
noise HBTs and the small sized, low power consumption CMOS transistors. The
key sub circuit block designs and optimization are in detail discussed, which include
phase/frequency detectors, frequency dividers and prescalers, voltage controlled os-
cillators, loop filter designs and so on. The loop behavior, frequency response and
transient performance are studied at a system level. Three demonstrators are pre-
sented: a 35 GHz ultra-low phase noise PLL for Ka-Band radar communications
which achieves state-of-the-art phase noise performance; a wideband frequency syn-
thesizer for multi-band satellite communications with a frequency range from 16
to 24 GHz; a 3 to 5 GHz reconfigurable receiver integrated with an agile frequency
synthesizer for small cell base station applications.
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1

Introduction

1.1 Motivation

A Local Oscillator (LO) is one of the most essential blocks in the RF transceiver

frond-end in wireless communication systems. Through a frequency mixer, the LO

signal up- or down-converts signals of interest to targeted frequencies. The quality

of the LO signal plays an important role in determining the performance of an RF

transmitter/receiver [1].

An off-the-shelf crystal oscillator is ideal as an LO with fixed frequency below

the hundred-MHz range due to its superior signal purity and low cost; a Sur-

face Acoustic Wave (SAW) based oscillator operates up to GHz frequencies with

excellent phase noise performance. It is challenging for a single quartz crystal os-

cillator to operate beyond the GHz range. The frequency range can be expanded

by adding frequency multipliers after an oscillator, mixing of different oscillators or

using Phase Locked Loops (PLLs). One of the drawbacks of the direct frequency

multiplication is that it also multiplies the phase noise over the complete spectrum.

The mixing of different oscillators has drawbacks in terms of spectral purity. A PLL

uses a crystal oscillator signal as a reference and stabilizes a Voltage Controlled

Oscillator (VCO) through a negative feedback loop. The frequency multiplying

factor of the VCO over the reference signal is determined by the frequency dividers

in the loop, either in integer or fractional forms.

For applications where tunable LO signal frequencies are needed, for example

targeting various operating bands or communication channels, frequency synthe-

sizing is usually required. There are typically two types of frequency synthesizers:

one type is the traditional PLL based synthesizer and the other type is more mod-

ern, the so-called Direct Digital Synthesizer (DDS). The DDS emerged with the

1
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development of CMOS technology and became popular in the last decade. The ba-

sic architecture of a DDS system includes a clock frequency, a frequency counter, a

look-up table, a register, a digital-to-analog converter and a low pass filter. Com-

paring with PLLs, one of the main advantages of the DDS is its flexibility in terms

of its output frequency, amplitude and waveform types [2]. It becomes very chal-

lenging to generate signals from GHz frequencies onward with high spectrum purity

using DDS, and PLLs based frequency synthesizing is still the most commonly used

technique for LO generation.

For a fixed reference signal, the frequency synthesis is realized by manipulating

the frequency divider ratios. There are cases when more complicated frequency

sweeping algorithms are required, such as in Frequency-Modulated Continuous-

Wave (FMCW) radar applications. A DDS can then be used to replace the crys-

tal oscillator [3]. The combination of the DDS and the PLL can achieve a fine

frequency tuning step down to sub Hertz for applications up to millimeter wave

ranges.

Among the most popular semiconductor technologies, CMOS processes domi-

nate the IC market driven by their lower cost and higher integration levels, and

compound semiconductors still dominate circuit blocks where high performance

is required in terms of power capability, noise, linearity and so on. While the

III-V semiconductor technology keeps exploiting its market toward low noise and

high power applications, SiGe HBT and BiCMOS technologies have been catching

up with compatible performance but with much lower cost, and definitely play a

significant role as a compromise solution between GaAs and CMOS technologies.

In mobile terminal devices nowadays, the LO generator can be integrated on the

same die with the RF transceiver in a CMOS technology. However, for applications

such as satellite communication, cellular base stations and so on, the LO signals

usually require higher power, better noise performance, and faster settling time; the

LO generator is usually implemented separately from the RF front end in different

technologies, chips or even with discrete components.

The aim of this research is to investigate a fully integrated solution of high

performance PLL based frequency synthesizers in a SiGe BiCMOS process and

the potential to integrate the synthesizer into the complete RF transceiver front

end module. Additionally, the trade-offs between the key parameters will also be

studied based on the process technologies and the various PLL topologies. The

PLL sub blocks such as phase/frequency detector, frequency dividers, VCOs, low

pass filters will be analyzed down to transistor levels and optimized from the per-
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spective of the complete performance of the PLLs, such as frequency band, power

consumption, phase noise, lock time and so on.

1.2 Dissertation Outline

The dissertation is organized into the following chapters:

Chapter 2 introduces the performance requirement and specifications for PLL

based frequency synthesis, in terms of frequency range and resolution, phase noise,

spurious tones and lock time.

Chapter 3 describes the most widely used two types of PLL types. After a per-

formance comparison, an innovative dual-loop PLL topology with superior phase

noise performance and fast lock behavior is also introduced in this chapter.

Chapter 4 discusses in detail the sub circuit blocks design for the frequency syn-

thesizer. It includes the design of 3 types of phase frequency detectors, frequency

dividers used both as prescaler of the PLL and multi-band frequency synthesis,

VCOs at various frequency bands with wide frequency tuning range, loop filters

and a phase locked indicator. In the end of the chapter, the performance of each

PLL block is summarized.

Chapter 5 describes the PLL simulation and optimization on a system level in

terms of frequency response. Methods to achieve the best phase noise performance

are discussed with reconfigurable loop parameters. To achieve a fast lock time,

transient behavior is also discussed for two types of PLLs and the novel dual-loop

PLL.

Chapter 6 discusses the PLL system integration together with the characteri-

zation results in 3 demonstrators targeting various applications, which include a

31.9-38.8 GHz dual-loop PLL, a 16-24 GHz frequency synthesizer and 3-5 GHz LO

generation in a reconfigurable receiver front-end.

Chapter 7 summarizes the dissertation and concludes the work.



2

PLL Basic Parameters

The key performance indicators of a PLL based frequency synthesizer include op-

erating frequency range, frequency resolution, phase noise, spurious levels and lock

time. Based on targeted applications, trade-offs are required between the power

consumption, cost and the key performance.

2.1 Frequency Range and Resolution

Frequency range is defined by the requirements of the targeted application. For a

single loop PLL, when no further post frequency synthesis is applied, the tuning

range of the VCO must cover the frequency band of the application. However, often

additional function blocks must be introduced to match the targeted frequency

band: if the VCO cannot oscillate up to the desired frequency, for example due

to the limit of the process technology, a frequency up-conversion or multiplication

is required; in another case, frequency dividers or multi-ratio frequency prescalers

are essential when the LO signals shall cover a much wider frequency range than

the VCO itself.

In modern communication systems, multi-band multi-standards single chip

modules are common; multi-loop PLLs or post frequency synthesizing blocks are

required for the LO generation to cover all the targeted frequency bands. Theoret-

ically, for a PLL with 40% frequency tuning range, a continuous frequency sweep

can be achieved using multi-ratio frequency dividers with divider ratios 1 .5 · 2N

and 2 · 2N (N = 0, 1, 2...) as shown in Fig. 2.1.

In a PLL, the controlled swing voltage which is usually generated by a charge

pump or an active loop filter shall cover as much as possible the valuable tuning

voltage of the VCO. Additionally, for VCOs incorporating varactors, the frequency

4
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PLL

XTAL

Figure 2.1: Block diagram of a typical direct frequency synthesizer

tuning gain KV CO is typically non-constant. Since KV CO is one of the key param-

eters which determine the loop behavior of the PLL, the variation of KV CO may

degrade the loop performance and cause instability problems. More details about

the VCO designs will be described in Chapter 4.4.

The frequency resolution of a PLL is the minimum frequency step it can achieve

at the synthesizer output, usually specified by the channel step size in modern

communication systems. Tab. 2.1 lists the frequency bands and step size specifi-

cations for some of the most popular communication standards in Germany nowa-

days [4][5][6]. As one can see, the channel step size varies from 200 kHz to tens of

MHz. In some applications such as satellite communications, private mobile radios

or instrumentation, the frequency resolution requirement is even higher. For ex-

ample, the Iridium satellite system has a channel step of 31.5 kHz in L band (1616

- 1626.5 MHz) for communication with the users; a digital Private Mobile Radio

(dPMR) requires a channel step of 6.25 kHz for the dPMR446 standard.

Table 2.1: Frequency band (UL-uplink, DL-downlink) and step size specifications

of some modern communication standards

Standard Frequency Band Step size

GSM 900 UL: 880-915 MHz, DL: 925-960 MHz 200 kHz

DCS 1800 UL: 1710-1785 MHz, DL: 1805-1880 MHz 200 kHz

LTE E-UTRA Band 7 UL: 2520-2570 MHz, DL: 2620-2690 MHz 5-20 MHz

WLAN 802.11b 2412-2484 MHz 5 MHz

Fig. 2.2 shows the block diagram of a typical PLL based frequency synthesizer.

In steady state, the output frequency of the PLL can be expressed as:

fV CO =
fref · N

R
(2.1)
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Figure 2.2: Integer-N frequency synthesizer

where fref is the reference frequency, R and N are frequency divider ratios of

the reference and VCO divider.

In integer-N frequency synthesizers, the reference frequency fref is a fixed value

which is typically generated from a crystal oscillator. The frequency step can be

expressed by
fref

R
, where the divider ratio N can be swept in integer. The concept

of an integer-N synthesizer is very straight forward and was adopted widely in early

wireless telephony transmitter/receiver modules [7].

However, there are certain limitations for the integer-N concept. As shown in

Fig. 2.2, the frequency step
fref

R
is also defined as the comparison frequency of

the PLL. To achieve a fine frequency resolution, the comparison frequency must

be reduced accordingly. For a given output frequency band, see (2.1), a finer

frequency resolution requires higher frequency divider ratio N . Taking GSM-900

applications as an example, the 200 kHz step size requires the divider ratio N to

vary from 4400 to 4575 to achieve the output frequency from 880 MHz to 915 MHz.

The divider ratio degrades the in-band phase noise behavior by a factor of 20 log N ,

which is more than 70 dB in this case. Meanwhile, for a stable loop behavior, the

comparison frequency limits the loop bandwidth down to tens of kHz, and the loop

bandwidth limits the lock time to the sub-millisecond range [8].

The fractional-N frequency synthesizer relaxes the relation between the resolu-

tion and the comparison frequency of the loop and allows the resolution to be a

fractional portion of the comparison frequency [9]. Fig. 2.3 shows the basic block

diagram of a Σ-Δ fractional frequency synthesizer. The frequency resolution can

be described as:

fV CO =
fref

R
· (N +

Q

F
) (2.2)

where integer F is the fractional resolution and integer Q is the fractional ratio

which varies from 0 to F . Again, taking GSM-900 as an example, to achieve a
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Figure 2.3: Fractional-N frequency synthesizer

frequency resolution of 200 kHz, the fractional resolution can be set to 32. The di-

vider ratio N now can be reduced to 137, and the comparison frequency is 1.6 MHz.

In comparison with the integer-N topology, the in-band phase noise contribution

is now improved by 30 dB and the lock speed is in the range of microseconds.

However, the fractional-N topology will bring in fractional spurs or dithered

phase noise to the PLL output. In the early 1990s, Tom A.D. Riley and his team

presented a new method. Using the knowledge of the over-sampled analog to

digital converters, a high order Σ-Δ modulator was introduced into the fractional-

N frequency synthesizer design for noise shaping purposes [10]. It has been proved

that at least a third order Multi-stAge noise SHaping (MASH) Σ-Δ modulator is

required to generate an uncorrelated quantizer error sequence and thus provides

sufficient noise shaping [11]. Another method to reduce the fractional spurious

tones was also reported: instead of the Σ-Δ modulator, it used a new type of digital

quantizer, with an additional charge pump offset and a sampled loop filter [12].

2.2 Phase Noise

Phase noise represents the rapid, short-term, random phase fluctuations of a sig-

nal in the frequency domain, while jitter represents such fluctuations in the time

domain. The phase noise suppression ratio (usually also referred as ”phase noise”

in the literature) is defined as the ratio of the power in 1Hz bandwidth at a specific

offset of the carrier frequency fc to the carrier power, as shown in Fig. 2.4. As seen

from the definition, phase noise is a parameter which describes the spectrum purity

of a signal, which is one of the most critical performance parameters in frequency

synthesizer designs.

For example, in a wireless receiver, the phase noise together with the spurious

tones of the LO signal degrade the system performance as illustrated in Fig. 2.5.
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Figure 2.4: Phase noise definition on a certain carrier frequency
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Figure 2.5: Phase noise effects on a receiver system

With an ideal LO signal, the desired signal can be demodulated to IF with no

interference from the undesired signal. In practical systems, with phase noise added

to the LO signal, both the desired and undesired signals will be down converted

to IF with phase noise. The phase noise of the signal itself degrades the signal to

noise ratio of the receiver in general. Additionally, if a strong undesired signal is

close enough to the desired channel, the desired signal will be no more detectable.

Table 2.2 lists the typical phase noise specifications for wireless communication

systems with some of the most common standards [13].

Table 2.2: Phase noise specifications of some popular wireless communication stan-

dards
Standards Phase Noise, dBc/Hz @ Hz

WCDMA -90 @ 10k, -113 @ 100k

GSM -111 @ 100k, -143 @ 3M

DECT -85 @ 100k

Bluetooth -119 @ 3M

WLAN -116 @ 3M
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All the components in the PLL contribute to the overall phase noise of the

output signals. The phase transfer mechanism is shown in Fig. 2.6, where φin is

the phase of the reference signal; φout is the phase of the VCO output; φout,d is

the phase of the signal at the output of the divider N; Kφ is the gain of the phase

detector as in V; KV CO is the gain of the VCO as in rad·s−1V−1; and Z(s) is the

transfer function of the loop filter.

Divider

Divider

VCOLoop FilterPD

Figure 2.6: Phase transfer mechanisms in PLLs

In the frequency domain, the phase transfer functions can be expressed using

the Laplace transform as follows:

Vd(s) = Kφ(φin − φout) (2.3)

Vc(s) = Z(s)Vd(s) (2.4)

φout =
KV COVc(s)

s
(2.5)

φout,d = Hφout (2.6)

And the closed loop phase transfer function can be expressed as:

φout

φin

=
G(s)

1 + G(s)H
(2.7)

where:

G(s) = KφZ(s)
KV CO

s
(2.8)

H =
1

N
(2.9)

The closed loop bandwidth ωc is defined as the corner frequency where GH = 1.

The phase transfer function can be approximated as:
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G(s)

1 + G(s)H
=

{
N f � ωc

G(s) f � ωc
(2.10)

Tab. 2.3 lists the phase transfer functions of the PLL sub-blocks. The phase

transfer functions also apply to the phase noise analysis. For the phase noise

frequency which is inside the loop bandwidth, which means GH � 1, the reference

oscillator, phase detector, frequency divider and loop filter dominate the overall

phase noise of the PLL; for the phase noise frequency outside the loop bandwidth,

which means GH � 1, the VCO dominates the phase noise of the PLL [14].

The following chapters will focus on the optimization of the intrinsic phase noise

of each circuit blocks based on their transfer functions.

Table 2.3: Phase transfer functions of the PLL sub-blocks

Noise Source Transfer Function Low Frequency High Frequency

Reference 1
R

G
1+GH

1
R
N 1

R
G

Divider R G
1+GH

N G

Divider N G
1+GH

N G

Phase detector 1
Kφ

G
1+GH

1
Kφ

N G
Kφ

Loop filter 1
Kφ

G
1+GH

1
Kφ

N G
Kφ

VCO 1
1+GH

N
G

1

2.3 Spurious Tones

Besides the phase noise, spurious tones are also observed in the output spectrum at

certain frequency offsets. The causes of spurious tones include the leakage from the

reference and its harmonics, the fractional components from the Σ-Δ modulator,

the decoupling of the power supplies and cross talk between the circuit blocks and

loops and so on [15]. Of all types of spurious tones, the reference spur is the most

common one in integer-N PLL designs.

For a single loop analog type PLL in the locked state, the phase error is in-

dicated by the DC component of the phase/frequency detector output. However,

the fundamental or harmonics of the comparison signals will also be presented at

the phase/frequency detector output due to the detector topologies, leakage and

mismatches. Depending on the offset frequencies, the out-of-band spurs can be

attenuated by a well designed low pass loop filter. The non-filtered reference and



2. PLL BASIC PARAMETERS 11

its harmonics after the loop filter will appear at the tuning port of the VCO and

generate a frequency modulated signal at the output [16].

Assume that the reference signal from the phase/frequency detector output is:

vPD = VPD cos(ω0t + φ0) (2.11)

where VPD is the amplitude of the output of the phase detector at the reference

frequency; and ω0 is the reference frequency. After the loop filter, the signal which

appears at the tuning voltage out the VCO can be expressed as:

vtune = VTune + A · VPD cos(ω0t + φ0) (2.12)

where VTune is the DC output of the loop filter in the locked state, A is the

gain of the loop filter at ω0. The VCO output now becomes:

vV CO = VV CO cos

[
ωct +

KV CO · A · VPD

ω0

sin(ω0t) + φc

]
(2.13)

where ωc is the VCO frequency at VTune, and KV CO · A · VPD/ω0 is the modu-

lation index mf . In practical PLL designs, typically mf is much smaller than one,

hence the modulation is a narrow band FM. The locked PLL output now can be

approximated based on the Bessel functions [17]:

vV CO = VV CO cos(ωct+φ′
c)+

VV CO · mf

2
{cos [(ωc − ω0)t + φl] + cos [(ωc + ω0)t + φr]}

(2.14)

Now, the double side band spurs with an amplitude of VV CO · mf

2
are observed

at the offset frequency of ω0 of the carrier. The spurious level can now be expressed

as 20 log(
mf

2
) dB. Since ω0 is much larger than the bandwidth of the low pass filter,

a narrower loop bandwidth reduces A, thus the index mf . Therefore, the reference

spurious tones can be improved by reducing the loop bandwidth or the VCO gain.

The analysis of the reference spurs is also suitable for spurs which are caused by

the harmonics of the comparison frequency and the out-of-band spurs in fractional-

N PLLs. However, the fractional spur frequency can be much lower than the

comparison frequency and can even be located inside the loop bandwidth, where

the modulation is no more a narrow band FM. In this case, (2.14) is no more

suitable for the spurious analysis. The analysis of the spurs which are inside or

close to the loop bandwidth is more related with Σ-Δ fractional-N synthesizer

designs [18] and is beyond the scope of this work.
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2.4 Lock Time

The lock time of the PLL is one of the key parameters which influence the re-

action time of a communication system. For example, to avoid interference or

protect data security, a frequency hopping mechanism is required and the LO

signals need to settle to the new frequency as fast as possible [19]. When the

PLL locking process is not fast enough, several PLLs are commonly used to speed

up the frequency hopping under the penalty of higher power consumption and

costs. In early GSM & EDGE base station designs, two PLLs were applied as a

”ping-pong” architecture for the LO generation, which worked alternately on the

allocated channels [20].

The lock time is defined as the time it takes for a PLL to switch from an

arbitrary state to a phase locked state with a specified frequency. The start state

can be either an initial state after the power-on or wake-up of the system, or a

previous locked state. The PLL starts with a pull-in process as shown in Fig. 2.7.

The pull-in time depends on the type of the PLL, the initial frequency error, the

damping factor, and the natural frequency of the PLL. In the lock-in process, the

loop locks within one beat note between the comparison signals. Therefore, the

lock-in time can be approximated as the reciprocal of the PLL natural frequency.

More detail will be discussed in Chapter 3.

0

lock-inpull-in

Frequency

Time

Figure 2.7: Typical transient behavior of the PLL output frequency
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Introduction of PLL Types

PLLs can be classified according to their use of phase/frequency detectors, fre-

quency dividers or the loop filters. PLLs using mixer type phase detectors are

called analog PLLs or linear PLLs; those using digital phase/frequency detectors

such as EXOR gates and 3-state Phase Frequency Detectors (PFDs) are called

digital PLLs (DPLLs). Even though the term ”digital” is used, the loop filter and

the VCO in DPLLs are still implemented with analog circuits. All-DPLLs use dig-

ital blocks only, including the loop filter and the VCO [21]. Based on the divider

used, PLLs can be distinguished as either integer-N or fractional-N; more details

see Section 4.4. With respect to the order of the loop filter, PLLs can be defined

as second order (type II), third order (type III) and high order PLLs [22]. PLLs

can also be discriminated by the type of loop filter - passive or active.

The following sections will mainly focus on the PLL types based on the vari-

ation of the phase/frequency detectors. In the final section, we will introduce an

innovative dual-loop PLL which combines both an analog phase detector and a

digital PFD, both an active loop filter and a passive loop filter into the PLLs. The

dual-loop PLLs have several advantages over single loop types of PLLs.

3.1 Analog PLLs

An analog PLL (APLL) has four essential blocks: a reference oscillator, a mixer

type phase detector, a low pass filter and a voltage controlled oscillator. Frequency

dividers are also needed when the VCO frequency is higher than the reference

oscillator frequency or frequency synthesizing is required. The block diagram of

an analog PLL is shown in Fig. 3.1.

13
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Figure 3.1: Block diagram of an analog PLL (APLL)

The mixer compares the two input signals from the reference and the VCO (or

divider) output. Assuming the inputs are sinusoidal and the mixer operates in

the multiplier mode, the output of the mixer contains two spectral components as

shown in (3.4):

vRef = VRef · cos (ωRef t + φRef ) (3.1)

vV CO = VV CO · cos (ωV COt + φV CO) (3.2)

vout = K · VRef · VV CO[cos ((ωRef − ωV CO)t + φRef − φV CO) (3.3)

+ cos ((ωRef + ωV CO)t + φRef + φV CO)] (3.4)

where vRef and vV CO are the reference and the VCO signals with frequency ωRef

and ωV CO ; VRef and VV CO are the amplitudes of the input signals; φRef and φV CO

are the initial phases; K is the gain of the mixer. The component corresponding

to the sum of the input frequencies ωsum (here ωRef + ωV CO) is suppressed in the

low pass filter, while the difference frequency component Δω (here ωRef − ωV CO)

represents the frequency error signal. When the initial comparison signals have

the same frequency but differ in phase, the difference signal is then a DC signal

K · VRef · VV CO · cos Δφ, which indicates only the phase error of the input signals.

The negative feedback loop controls the phase via the VCO such that the difference

signal becomes minimum. When the difference signal of vout is zero, the phase error

magnitude |Δφ| is π
2
.

The loop filter can be designed using a passive lag, an active lag, a passive

low pass filter or an active Proportional Integral (PI) low pass filter. The VCO

in the loop generates an additional pole in the transfer function of the PLL; the

PLL order is always the loop filter order plus one. APLLs with active PI filters

(as shown in Fig. 3.2) have a wider hold range than the ones using passive types.

From (2.8), the transfer function of an open loop is rewritten now as in (3.5).
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Figure 3.2: Active PI filter with an additional RC stage

φdiv

φRef

=
sR2C2 + 1

sR1C2(sR3C3 + 1)
Kφ

KV CO

sN
(3.5)

where Kφ and KV CO are the gain of the phase detector and the VCO, respectively.

The new transfer function has a frequency response of a 3rd order low pass filter

formed by two poles from the loop filter and an additional pole from the VCO.

The pole generated by R3 and C3 creates a higher frequency roll-off to suppress

the spur levels [23]. The pole is usually located between the natural frequency

ωn and the frequency of the first order reference spur, which creates an additional

spurious attenuation of 20 dB/dec typically. The amplitude Bode plot of the open

loop transfer function of the 3rd order PLL is shown in Fig. 3.3, where τ1 = R2C2

and τ2 = R3C3.

-40 dB/decade

-40 dB/decade

-20 dB/decade

Figure 3.3: Bode plot of the open loop transfer function of the 3rd order APLL

Based on (2.7), the closed loop transfer function is now re-written as:

H(s) =
sR2C2 + 1

s2 R1C2

KφKV CO
(sR3C3 + 1) + sR2C2

N
+ 1

N

(3.6)

To simplify the analysis of the frequency response of the 3rd order PLL, the

influence of the additional pole on the frequency close to the loop bandwidth can
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be neglected, however it will be considered for the analysis of the spurious level

attenuation. The loop transfer function as shown in (3.6) can now be simplified

as:

H(s) =
sR2C2 + 1

s2 R1C2

KφKV CO
+ sR2C2

N
+ 1

N

(3.7)

The denominator of H(s) is written in a normalized form: s2 + 2ζωns + ω2
n, where

ωn is the natural frequency of the loop, and ζ is the damping factor:

ωn =

√
KφKV CO

R1C2N
(3.8)

ζ =
R2C2

2

√
KφKV CO

R1C2N
(3.9)

The pull-in range ΔωP of a PLL is defined as the initial frequency error of

the reference frequency and the output frequency, within which the phase can be

locked. The lock-in range ΔωL of a PLL is defined as the initial frequency error,

within which the phase can be locked with no cycle slip. Typically, if the initial

frequency error is distinctly smaller than the pull-in range, the pull-in time TP and

the lock-in time TL can be approximated as: [24]

TP =
π2

16

Δω0
2

ζωn
3

(3.10)

TL =
2π

ωn

(3.11)

where ωn is the natural frequency of the feedback loop, and ζ is the damping

factor. The damping factor ζ is usually between 0.7 and 1. The pull-in time and the

lock-in time are significantly dependent on the natural frequency ωn. However, for

a given comparison frequency of the PLL, a higher loop bandwidth ωn will reduce

the out-of-band spurious tones attenuation. To maintain the same attenuation

level, a higher comparison frequency or a higher order loop filter is required.

3.2 Digital PLLs

In DPLLs, the mixer is replaced by phase detection blocks such as EXOR or JK

flip-flops. A 3-state PFD (see 4.2.3) is one of the most popular PFD types in

modern PLL designs. The signals to be compared are converted to digital logic

signals. Instead of detecting the phase error in real-time even inside one signal



3. INTRODUCTION OF PLL TYPES 17

period, the digital phase detectors detect only the signal edges. The phase error

of the comparison signals are presented as pulses with varying widths at the phase

detector output. It has an unlimited phase detection range and can also detect the

polarity of the frequency error. This is very important especially in systems where

frequency hopping is required.

The 3-state PFD is usually followed by a charge pump in a DPLL. After the

charge pump, the phase error voltage is converted to a phase error current. The

phase error current gain Kφ,I
1 is the maximum source/sink current of the charge

pump Icp.

With the low pass loop filter, the pulses are smoothed and used as the control

signal to the VCO. The block diagram of a DPLL is shown in Fig. 3.4.

CPPFD Low Pass

Frequency Divider

Filter

VCOXTAL

Figure 3.4: Block diagram of a DPLL

A typical passive loop filter for DPLLs is shown in Fig. 3.5. When the output

voltage of the charge pump is not sufficient to cover the effective tuning voltage of

the VCO, an active loop filter is required.

Figure 3.5: Passive low pass filter with an additional RC stage

From (2.8), the transfer function of an open loop is rewritten now as:

φV CO

φRef

=
sR1C1 + 1

s2R1C1C2 + s(C1 + C2)
· Icp · KV CO

sN
(3.12)

1The physical unit of the phase error current gain is A. However in some literatures, unit
A·rad−1 is used .
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where KV CO is the gain of the VCO.

The amplitude Bode plot of the open loop transfer function of the 3rd order

DPLL is shown in Fig. 3.6. where τ1 = R1C1 and τ ′
2 = R1

C1C2

C1+C2
.

-20 dB/decade

-40 dB/decade

-40 dB/decade

Figure 3.6: Bode plot of the open loop transfer function of the 3rd order DPLL

Based on (2.7), the closed loop transfer function is now re-written as:

H(s) =
sR1C1 + 1

s2 C1+C2

IcpKV CO
(sR1

C1C2

C1+C2
+ 1) + sR1C1

N
+ 1

N

(3.13)

As a rule of thumb, since the capacitance C1 is around 10 times larger than C2,

the closed loop function of the DPLL can be simplified as:

H(s) =
sR1C1 + 1

s2 C1

IcpKV CO
+ sR1C1

N
+ 1

N

(3.14)

The denominator of H(s) is written in a normalized form: s2 + 2ζωns + ω2
n,

where ωn is the natural frequency of the loop, and ζ is the damping factor:

ωn =

√
IcpKV CO

C1N
(3.15)

ζ =
R1

2

√
IcpKV COC1

N
(3.16)

The pull-in time and the lock-in time can be expressed as:

TP =
Δω0

πω2
n

(3.17)

TL =
2π

ωn

(3.18)

The pull-in time is proportional to the initial frequency error Δω0. Differing

from the APLL, (3.17) is valid for any initial frequency errors.
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3.3 A proposed novel dual-loop PLL

As discussed in Chapter 2, for a single loop PLL, trade-offs must be made between

the phase noise, spurious level and lock time. Many techniques have be developed

to optimize the PLL performance, in order to achieve lower noise, lower spurious

level and faster lock time simultaneously. An adaptive loop bandwidth control

technique was presented in [25] for a single loop DPLL, which used a higher loop

bandwidth in the frequency acquisition process and switched to a lower loop band-

width in the phase tracking process adaptively. Adjusting the loop bandwidth by

the charge pump current resulted a faster lock time and a lower spurious level

simultaneously. In [26], the bandwidth was controlled by switching the resistance

of the RC loop filter. A dual-loop topology was presented in [27], which used a

phase frequency detector and a Phase Error Detector (PED) to drive the charge

pump; a coarse tuning was controlled by the PFD with a higher phase error gain

while the PED realized a fine tuning with a lower phase error gain and narrower

bandwidth.

In this work, a novel dual-loop topology is designed, which uses two types

of phase detectors to optimize the PLL performance. Typically, the mixer type

PD has a much lower flicker noise level and faster operating speed than a 3-state

PFD [28]. The reason that the mixer type PD gets less popular in modern PLL de-

signs is its limited frequency acquisition range. In the proposed dual-loop topology,

the mixer type PD is used as the phase locked hold loop in the steady state; the

3-state PFD is designed for the frequency acquisition process, since it has a much

wider frequency acquisition range (infinite theoretically) than the mixer. To avoid

the noise interference from the frequency acquisition loop to the phase locked hold

loop, the 3-state PFD is isolated from the PLL by a lock detection block when the

PLL achieves the steady state. The block diagram of the dual-loop PLL is shown

in Fig. 3.7.
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Indicator
Lock

Frequency Divider

PFD CP

XTAL Mixer VCO

Filter
Low Pass

Figure 3.7: Block diagram of the dual-loop PLL with two types of phase detectors

This topology shows more advantages especially when the PLL operates in a

high frequency range (above X band). Traditional 3-state PFDs have a limited

operating frequency range below 200 MHz. For an integer-N PLL design, a lower

comparison frequency requires a higher divider ratio N . As discussed in Section 2.2,

the phase noise of the PLL inside the loop bandwidth degrades by a factor of

20 · log N . Since the mixer type PD has much higher operating frequency range

with ultra-low noise level when compared to a 3-state PFD, using the mixer type

PD, the divider ratio N is reduced to improve the noise performance. A wider loop

bandwidth now can be designed to achieve a faster phase lock time. Additionally,

a higher comparison frequency shifts the reference spurious tones to a higher offset

frequency, the spurious level will not be increased by increasing the loop bandwidth.



4

Sub-Circuit Designs

In this chapter, the key blocks of the PLLs will be discussed in detail including

topology designs, simulation and performance optimization. The chapter is dis-

tributed into the following sections: an overview of the technology used in this

work; design of phase frequency detectors, frequency dividers/prescalers, loop fil-

ters, voltage controlled oscillators, a charge pump, a phase-locked indicator and

summaries of the key performance of the sub blocks.

4.1 Technology

The 0.25 μm SiGe BiCMOS technology SG25H3 from IHP Electronics is used in

this work. It provides an npn-HBT module with a SiGe:C base with up to 120

GHz transit frequency and 180 GHz maximum oscillation frequency. Additionally,

3 different breakdown voltages (BVCEO) for the npn-HBTs are offered. The tech-

nology also provides NMOS, PMOS, isolated NMOS and passive components such

as poly resistors and MIM capacitors. [29]

Tab. 4.1 lists the key parameters of the three types of npn HBTs.

The high performance type HBT is most widely used in this work because of

its superior frequency behavior. Fig. 4.1 shows the transit frequencies of the high

performance type HBT over various collector currents IC and collector-emitter

voltages VCE; the transit frequencies peak at IC ≈ 2 mA with AE = 0.22 × 0.84

μm2. The maximum fT increases with VCE increasing from 0.5 to 2 V.

The minimum noise figure NFmin of the high performance HBT is simulated at

different operating frequencies as shown in Fig. 4.2. In most cases, the minimum

noise figure and the maximum transit frequency cannot be achieved simultane-

ously at the same bias condition; trade-offs are necessary among the performance

parameters such as gain, noise figure and power consumption [30].

21
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Table 4.1: Comparison of the key parameters of the HBTs from SG25H3 technol-

ogy. AE is the minimum allowed emitter area

Parameter High Performance Medium Voltage High Voltage

AE, μm2 0.22 × 0.84 (shp1) 0.22 × 2.24 0.22 × 2.2

fT , GHz 120 45 25

fmax, GHz 180 140 80

BVCEO, V 2.3 5 7

BVCBO, V 6 15.5 21

β 150 150 150
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Figure 4.1: Transit frequency fT of the high performance type versus bias points,

AE = 0.22 × 0.84 μm2

In a bipolar transistor, the flicker noise current at the base is expressed as a

function of the base current IB, and the emitter junction area AE as in (4.1) [31]:

SIB
=

K

AE

Iα
B

1

f
(4.1)

where K is a constant based on technologies. In modern transistors, the typical

value of α is 2.

For a single device, the analysis of IB is more useful, since it provides the

information of number fluctuation of the carrier in the junction. However, from

the circuit design point of view, the analysis of the IC is more valuable since most

of the RF figures of merit fundamentally depend on IC instead of IB. The flicker

noise at the collector is expressed as:

SIC
=

K
′

AE

IC

βα

α 1

f
(4.2)

where β is the current gain of the HBT in a given bias point.
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Figure 4.2: Minimum noise figure NFmin of the high performance HBT versus

collector current and operating frequency, AE = 0.22 × 0.84 μm2, Vce = 1.5 V
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Figure 4.3: Minimum noise figure NFmin of the medium voltage type HBT versus

operating frequency and collect current, AE = 0.22 × 2.24 μm2, Vce = 2 V

Fig. 4.3 shows the noise behavior of the medium voltage type HBTs at various

bias points versus frequency sweeping from 1 Hz to 50 GHz. The 1/f noise (flicker

noise) is strongly dependent on the collect current IC ; the noise corner frequency

varies from 100 Hz to 3 kHz with IC increasing from 230 μA to 1.7 mA.

The technology offers 5 metal layers, with thicknesses of 0.58, 0.73, 0.73, 2

and 3 μm from bottom to top, The 5 layers are named as ”Metal1”, ”Metal2”,

”Metal3”, ”TopMet1” and ”TopMet2”. The substrate has a resistivity of 50 Ω ·cm.

Four types of resistors are offered with characteristic parameters listed in Tab. 4.2.

Among the four resistor types, type ”Rppd”, which utilizes unsalicided, p-doped

gate polysilicon as the resistor material, has the lowest temperature coefficient of

its resistance. The resistor type ”Rhigh” has the highest sheet resistance and can

be used as compensation for the ”Rppd” type where higher resistive values are

required and the chip area becomes critical.
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Table 4.2: Four types of resistors offered by SG25H3 technology from IHP

Parameter Rsil Rpnd Rppd Rhigh

Sheet Resistance, Ω/� 6.9 210 280 1600

Maximum Current Density, mA/μm 2.0 0.5 0.3 0.23

Temperature Coefficients, ppm/K 2980 -536 -30 -2500

ppm/K2 0.2 0.98 0.75 5
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4.2 Phase/Frequency Detectors

In phase/frequency detector designs, the key performance parameters include phase

detector gain Kφ, maximum error detecting range φd,max, maximum operating

frequency fd,max, and phase noise PNd.

A mixer type phase detector, an EXOR and a 3-state PFD will be discussed

respectively in this section.

4.2.1 A Mixer Type Phase Detector

As discussed in chapter 2.3, the leakage of the comparison signals and their har-

monics create reference spurs at the PLL output. Mixer type phase detectors are

usually designed using double balanced topologies such as a passive ring mixer or a

Gilbert mixer, which have better port-to-port isolation and lower DC offsets than

the single balanced ones. A double-balanced ring mixer has a conversion loss of 6

to 8dB, therefore requires input signals with higher power level to achieve the same

output power as the Gilbert mixer. The operating frequency of a phase detector

is usually below 1 GHz; a ring mixer in this range needs bulky transformers and a

Gilbert mixer is much more compact.

A Gilbert cell, as shown in Fig. 4.4, includes a transconductance stage (Q1,Q2)

and a switching quad (Q3 ∼ Q6).

Phase Error

REF

VCO

VCC

Figure 4.4: Gilbert mixer core using HBT technologies

The output of the Gilbert mixer can be expressed as:

vout = IeeRc tanh
vRef

2VT

tanh
vV CO

2VT

(4.3)
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where Iee is the bias current for the emitter coupled pair; Rc is the load resis-

tance; and VT is the thermal voltage, which is around 26 mV at room temperature.

When the mixer is used for phase detecting, the amplitudes of the two input signals

are much higher than 26 mV. The maximum output voltage can be approximated

as:

Vmax ≈ IeeRc (4.4)

The error voltage is a function of the phase differences of the two comparison

signals [32]:

Verror = IeeRc(
2|φerror|

π
− 1) (4.5)

The phase detector gain Kφ can be expressed as:

Kφ =
2IeeRc

π
(4.6)

As discussed in Chapter 2, the in-band phase noise of the PLL is partly con-

tributed by the low frequency noise of the phase detector, where flicker noise dom-

inates.

The flicker noise increases with the increase of the collector current. However,

from (4.6), to achieve the same phase detector gain, lower collector current requires

larger load resistance, which increases also the thermal noise voltage at the mixer

output. The collector current and transistor size shall be optimized based on the

tradeoffs between the flicker noise, thermal noise floor, gain and input matching.

In a Gilbert cell, the flicker noise in the switch quad appears directly at the

mixer output. The flicker noise in the transconductance stage is up-converted to

the phase noise of the LO leakage and its odd order harmonics at the output.

Therefore, the transconductance stage does not contribute flicker noise directly to

the output, provided that the transistors in the quad core are switched on and

off ideally [33]. In practical designs, with the mismatches among the quad core

transistors, the flicker noise from the transconductance stage leaks slightly through

the mixer quad to the output. Fig. 4.5 shows the flicker noise contribution from the

two stages. To have a fair comparison, the transistor sizes of the two stages were

properly selected according to (4.2), such that they have similar intrinsic flicker

noise.

The complete schematic of the analog phase detector is shown in Fig. 4.6.

Emitter followers worked as level shifters. Resistive emitter degeneration was used

to improve the dynamic range of the reference input ports. RC low pass filters with
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Figure 4.5: Flicker noise contribution from the transconductance stage and the

switch quad of the Gilbert mixer core.

a corner frequency of around 80 MHz were also added for pre-filtering of the phase

error voltage. The tail current of the emitter coupled pair was biased at 1.3 mA.

REF

VCC

VCO

Phase Error

Figure 4.6: Schematic of the Gilbert mixer as phase detector. Q1,2 = MV4×2,

Q3,4,5,6 = MV1×2, Q7,8 = MV1×2, Q9,10 = shp1 (see Tab. 4.1)

In an APLL, when the two comparison signals are in the locked state, the

tuning voltage for the VCO is:

Vtune = Verror · Gfilter + Voffset (4.7)

where Gfilter is the DC gain of the low pass filter, which is above 20 dB for

active loop filters (see Section 4.5); Voffset is the DC offset of the filter output. The

effective tuning voltage for the VCO in this work is from 0 to 5 V (see Section 4.3).

Fig. 4.7(a) shows the output phase error voltage versus the input phase error. At

the offset voltage set to 2.5 V, the phase error voltage in the locked state is limited
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within ±0.25 V. The phase error gain is around 0.83 V and quasi constant within

the effective phase error voltage region.
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Figure 4.7: (a)Phase error voltage at 1 GHz comparison frequency, PRef = -5 dBm,

PV CO = -5 dBm (b)Phase error gain varies with comparison frequency, PRef = -

5 dBm, PV CO = -5 dBm

Fig. 4.7(b) shows the frequency response of the analog PD. The phase error

gain varies from 0.855 V to 0.8 V in the frequency range of 200 MHz to 2 GHz.
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Figure 4.8: (a)Phase error gain versus reference power at PV CO = -5 dBm, (b)

Phase error gain versus VCO power at Pref = -5 dBm. Comparison frequency =

500 MHz

Fig. 4.8 shows the phase error gain with various the input power levels of the

two comparison signals. At 500 MHz, the gain varies from 0.8 to 1.1 V for the

input power at the reference port varying from -5 to 5 dBm, and from 0.82 to

0.7 V for the input power at the VCO port varying from -5 to 5 dBm.

The noise performance of the phase detector is shown in Fig. 4.9. The corner

frequency is around 3 kHz, and the noise floor is around -158 dBV2/Hz. The
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noise performance is independent of the comparison frequency, which is one of the

advantages compared with the digital phase frequency detectors.
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Figure 4.9: Simulated low frequency noise power at a comparison frequency of

500 MHz and 2 GHz, PRef=-5 dBm, PV CO= -5 dBm

The complete power consumption of the phase detector is 2.7 mA at 3.3 V

supply.

4.2.2 An EXOR Phase Detector

An exclusive OR is able to detect the phase difference between two square wave

signals. When the two comparison signals are in phase, the output of the EXOR

indicates logic low; when the two comparison signals are 180◦ out of phase, the

output indicates logic high.

The EXOR in this work was implemented using CMOS transistors in the IHP

SiGe BiCMOS technology with a minimum gate length of 240 nm. The phase

error voltage response is shown in Fig. 4.10. The phase detecting range is π and

the phase error gain is around 1 V, which is quasi constant over the complete phase

detecting range.

The power consumption of the EXOR is around 140 μA at 3.3 V supply. The

EXOR circuit was chosen as a phase detector for the phase locked indicator block

in this work, which be discussed in Section 4.6.

4.2.3 A 3-State Phase Frequency Detector

The 3-state PFD is one of the most popular phase frequency detectors in modern

PLL designs, mainly because it can detect both the phase and frequency errors of

two signals. The schematic of the PFD is shown in Fig. 4.11: it combines 5 NAND
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Figure 4.10: Simulated phase error voltage of the EXOR at 10 MHz and 1 GHz

frequency, both inputs are square wave signals with VH = 3.3 V, VL = 0 V

gates and 2 RS-Flip-Flops. The outputs of the PFD are labeled as ”U” and ”D”

representing the up and down state, respectively.

Figure 4.11: Schematics of the 3-state Phase frequency detector

The PFD in this design was implemented using CMOS transistors with a min-

imum gate length of 240 nm. Fig. 4.12(a) shows the error behavior at various

comparison frequencies. At 10 MHz, the phase detecting range is 4π. The phase

error gain at 3.3 V supply is 0.52 V over the complete phase detecting range.

The phase/frequency detecting range degrades with the increased comparison fre-

quency. At 1 GHz, the PFD cannot distinguish frequency errors, and the phase

detecting range is reduced to 2π.

The noise behavior of the PFD is shown in Fig. 4.12(b). At 10 MHz comparison

frequency, the flicker noise of the 3-state PFD is comparable with the mixer type

PD, while the noise floor of the 3-state PFD is even lower. With frequency increased

from f1 to f2, the flicker noise of the PFD degrades by 10· log (f2/f1) dB. This is

mainly because, after the comparator converts the input signals to the digital levels,

the PFD only senses the edges of the input signals, and the jitter contributes more
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phase noise to the output at higher comparison frequencies. At 1 GHz comparison

frequency, the flicker noise is increased to -126 dBV2/Hz at 100 Hz offset frequency.

The complete power consumption of the PFD is 1 mA at 3.3 V supply.
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Figure 4.12: (a) Simulated phase error voltage for different comparison frequencies

10 MHz, 500 MHz and 1 GHz (b) Simulated low frequency noise of the PFD at

comparison frequency 10 MHz, 500 MHz and 1 GHz

4.2.4 Charge Pump

A charge pump is usually used together with the 3-state phase frequency detector

in PLL designs. Cooperating with the loop filter, it converts the logic states at

the PFD output ports into a stabilized analog voltage signal to control the VCO

frequency [34].

Same as the 3-state PFD, the charge pump in this work is implemented in

CMOS. Fig. 4.13 shows the simplified schematic of the charge pump with an addi-

tional enable state which comes from the phase locked indicator. In the frequency

acquisition and phase locking process, the charge pump is enabled. The inputs of

the charge pump are fed directly from the phase error of the PFD outputs, which

means only three states are available for the charge pump inputs. In state (1,0),

P1 is switched off and N1 is switched on; the charge pump output indicates a low

voltage and sinks the current back. In state (0,1), P1 is switched on and N1 is off,

the charge pump outputs a high voltage and charges the load capacitance. In state

(1,1), both P1 and N1 are switched off and the charge pump is in high impedance

mode and therefore is isolated from the load. In the phase locked state, the charge

pump is disabled, P2, N2 are switched on, and the output indicates only a DC

offset voltage which is decided by R1 and R2. The sizes of the transistors are listed

in Tab. 4.3
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C

Figure 4.13: Simplified schematic of the charge pump for frequency acquisition

loop

Table 4.3: Values of the key components of the charge pump, w and l are the

channel width and length of the CMOS transistors

N1 w= 4 μm, l = 270 nm P1,2 w= 7 μm, l = 270 nm

N2−4 w= 2 μm, l = 270 nm P3,4 w= 2 μm, l = 270 nm

N5 w= 10 μm, l = 270 nm P5 w= 10 μm, l = 270 nm

 4
 2
 0
−2
−4

 0  10  20  30  40  50

U
P,

 V

 4
 2
 0
−2
−4

 0  10  20  30  40  50

D
O

W
N

, V

 2

 0

−2
 0  10  20  30  40  50

time (ns)

I o
ut

, m
A

Figure 4.14: Transient behavior of the charge pump with 3-input states

Fig. 4.14 is the transient behavior of the charge pump with 3 input states

from the PFD. The frequencies of the comparison input squared wave signals are

200 MHz and 222.2 MHz; the output error is now converted to the steering current

with a peak current of 1.8 mA. In stand-by mode, the current consumption of the

charge pump is around 370 μA at 3.3 V supply.

When the phases of the two input signals of the 3 state PFD are close enough,
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the output pulse from the PFD is getting very narrow and the amplitude of the

pulse starts to reduce due to the speed limitation and the capacitive load charging

on the charge pump. When the amplitude of the pulse reduces below the gate

threshold of the charge pump, only a sub-threshold current can pass through the

load and a dead zone is presented in the output of the charge pump. Methods have

been discussed in the literature to avoid the dead zone problem such as adding an

additional delay in the PFD to avoid the narrow pulses appearing at the same time

at the PFD output [35] or using a double edge checking technique to avoid the up

and down signals rising at the same time [36] and so on. In this work, the charge

pump works only during the frequency acquisition phase, and will be disabled in

the phase locked state. Therefore, the dead zone problem is negligible here.

4.2.5 Summary

Three types of phase detectors were discussed in this section. The mixer type phase

detector could work in a relative high frequency without degrading the phase noise.

The 3-state phase frequency detector could detect both the phase and frequency

errors. However, the speed of the PFD was limited to below 1 GHz, and tradeoffs

were required between noise and operating frequency. The EXOR type phase

detector was less complex than a 3-state PFD and had lower power consumption

when comparing with the other two types. The performance of the three types of

phase detectors is summarized in Tab. 4.4:

Table 4.4: Summarization of the key performance parameters of the three types of

phase detectors

Parameter Mixer EXOR 3-state PFD

Technology HBT CMOS CMOS

Operation frequency 2 GHz 1 GHz 500 MHz

Phase detection range, rad ∼ π π ∞
Phase error gain, V 0.83 1 0.5

Noise at 100 Hz, dBV2/Hz -152 – -132

Noise at 1 MHz, dBV2/Hz -157 – -160

Power consumption, mW 8.9 0.46 3.3
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4.3 Voltage Controlled Oscillators

The VCO is another crucial component in PLL designs: the output frequency range

of the PLL is defined by the tuning range of the VCO; the tuning gain of the VCO

KV CO influences the PLL loop behavior; the phase noise of the free running VCO

is the key parameter which determines the out-of-band phase noise of the PLL.

4.3.1 Resonators

The resonator determines the natural frequency of the oscillator. Fig. 4.15 shows

a typical RLC resonator in a parallel topology. The resonant frequency is ω0 =

1/
√

LC. The unloaded quality factor QU can be expressed as (4.8). In practical

oscillator designs, the loaded quality factor QL is considered, especially for phase

noise optimization. QL is expressed as (4.9).

Figure 4.15: RLC resonator circuit in parallel topology

QU = R

√
C

L
(4.8)

QL =
QU

1 + R
RL

(4.9)

On-chip planar spiral inductors are widely used in monolithic VCO designs at

microwave frequencies [37] and even in the millimeter wave range [38]. Fig. 4.16(a)

shows the top view of a typical planar spiral inductor. The geometrical parameters

of the inductors include the wire width w, the wire spacing s, the outer diameter

do, the inner diameter di and the number of turns n. The inductance can be

approximated through formula (4.10), which was described in [39].

L = K1μ0
n2davg

1 + K2ρ
(4.10)

ρ =
do − di

do + di

(4.11)

davg =
do + di

2
(4.12)
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where K1 and K2 are parameters which depend on the geometric shapes of the

inductors.

(a) (b)

Figure 4.16: (a) Top view of a planar spiral inductor in square shape (b) Equivalent

circuit of the spiral inductor

A conventional method to model the spiral inductors is the measurement-based

approach. The model of the on chip planar spiral inductors can be described using

an RLC equivalent circuit, as shown in Fig.4.16(b), where L is the inductance of

the spiral wire, RS is the series metal resistance, CP is the coupling capacitance

between the inductor turns, COX1 and COX2 are the capacitances between the

metal and the substrate and CSi and RSi are the silicon substrate capacitance and

resistance, respectively [40].

Any transmission line with length less than a quarter of λ is an inductor, pro-

vided that it is short-circuited at the other end. For millimeter wave applications,

shunt inductors with sub-nH values can be implemented using transmission lines,

since they are easier to adjust than spiral inductors and have comparable quality

factors [41].

4.3.2 Colpitts Oscillator Designs

The most common LC oscillators are classified in the following types: Armstrong

oscillator, Clapp oscillator, Hartley oscillator and Colpitts oscillator, among which

Hartley and Colpitts topologies are the most commonly used types in integrated

circuit designs [42]. The Hartley oscillator uses a tapped inductor together with a

capacitor to form the resonator circuit, while a Colpitts type uses two capacitors

and one inductor for the resonator. As for MMIC implementations, the Colpitts

topology is more popular simply because it needs only one resonator inductor
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instead of the complicated tapped inductor design as in Hartley oscillators [43].

The equivalent circuit of the Colpitts oscillator is shown in Fig. 4.17.

Lossy
Inductor Oscillator Core

Figure 4.17: Equivalent circuit of the Colpitts oscillator

The input impedance of the oscillator core Zin can be expressed as:

Zin = − gm

ω2C2C ′
1

+
1

jω

C ′
1 + C2

C ′
1C2

(4.13)

where C ′
1 is the equivalent capacitance of C1 in parallel with Cπ. When a large

size transistor is used and Cπ is comparable with C1, C1 can be omitted in oscillator

designs.

An oscillation occurs, if and only if the following conditions are matched:

� (ZL) + � (Zin) < 0 (4.14)

	 (ZL) + 	 (Zin) = 0 (4.15)

where � (ZL) and � (Zin) are the real parts of the load and input impendence;

and 	 (ZL) and 	 (Zin) are the imaginary parts. As a rule of thumb, to have a fast

start up of the oscillation, equation (4.14) can be modified as: [44]

1.2� (ZL) + � (Zin) < 0 (4.16)

From (4.13),(4.15) and (4.16), the oscillation condition at startup can be written

as:

gm >
1.2RL(C ′

1 + C2)

L
(4.17)

As the amplitude of the oscillation increases, the large signal transconductance

Gm decreases till:

Gm =
RL(C ′

1 + C2)

L
(4.18)

The oscillation frequency can be expressed as:
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ω0 =

√
C ′

1 + C2

LC ′
1C2

(4.19)

The simplified schematic of the differential Colpitts oscillator is shown in Fig. 4.18.

LB is the resonator inductor, C1, C2 and Q1, Q2 form the oscillator core. LE at

the emitters of Q1, Q2 implements DC feeding. Instead of using a resistive load,

an inductive load LC is used at the output stage to reduce power consumption.

The frequency is tuned by varactor C2. The oscillation frequency is now modified

as:

Figure 4.18: Simplified schematic of the differential Colpitts oscillator

ω0 ≈
√

C ′
1 + C2

LBC ′
1C2

+
1

2LEC2

(4.20)

Fig. 4.19(a) shows the bias conditions of the varicap: the charge extraction port

”C” is connected to ground; the well contacts ”W” have a constant voltage which

is biased at 2.5 V in the schematic; and the tuning voltage is applied at the poly

silicon gate ”G”. The tuning characteristics of the varactor is shown in Fig. 4.19(b).

The maximum capacitance C2,max to minimum capacitance C2,min ratio is around

3.3; the quality factor is 20 at VG = 0 V and reduces to 7 at VG = 5 V.

The phase noise is probably the most critical parameter in oscillator designs,

which describes directly the signal quality of an oscillator. One of the most pop-

ular formulas describing the phase noise in oscillators was introduced by D. B.

Leeson [45]:
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Figure 4.19: (a) MOS varicap from IHP 0.25 μm SiGe SG25H3, size 3×10 (b)

tuning characteristics at 20 GHz, VC= 0 V and VW = 2.5 V

L(Δω) =
2FkTB

PS

[
1 +

(
ω0

2ΔωQL

)2
] (

1 +
2πfc

|Δω|
)

(4.21)

where Δω = offset frequency (Hz)

F = open loop noise factor of the active devices

k = Boltzmann constant

T = Temperature (K)

B = measurement bandwidth (Hz)

PS = signal power (W)

ω0 = oscillator center frequency (Hz)

QL = loaded resonator quality factor

fc = corner frequency of the flicker noise in active devices (Hz)

At low frequency offset, which is below the corner frequency of the flicker noise

caused by the active devices in the oscillator core (for example, Q1 and Q2 in

Fig. 4.18), the phase noise can be simplified as:

L(Δω) =
2FkTB

PS

· πω0
2fc

|Δω|3 Q2
L

(4.22)

At a frequency offset above the corner frequency of the flicker noise but below

the corner frequency of the phase noise, the phase noise can be simplified as:

L(Δω) =
FkTB

2PS

(
ω0

ΔωQL

)2

(4.23)

The noise floor can be expressed as:
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L(Δω) =
2FkTB

PS

(4.24)

which is determined by the signal power and the noise factor of the active

devices.

The influence of the flicker noise from the HBTs of the oscillator core is shown

in Fig. 4.20, inducing a -30 dB/decade slope below the 30 kHz corner frequency.

The phase noise of the VCO at lower frequency offsets will be suppressed by the

loop filter of the PLL. In this work, the PLL loop bandwidth is designed beyond

10 MHz, therefore the flicker noise of the HBTs is not critical for the VCO designs.
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Figure 4.20: Simulated phase noise of the oscillator for HBT models without and

with flicker noise at a center frequency fc = 17.5 GHz

The unloaded Q factor of the resonator mainly depends on the Q factors of the

resonator inductor L, capacitor C2 and C ′
1 as shown in Fig. 4.17. The Q factor

of the on-chip inductors is limited to below 15 in the frequency range from 15 to

40 GHz [46][47]. Besides the optimum combination of the dimension parameters

of the inductors in 4.16(a), several other techniques were used to improve the Q

factor of the on-chip inductors, such as metal layer shunting, spiral coils stacking,

substrate shielding, inner coils tapering and so on [48][49]. Off chip inductors such

as bond wires offer a much higher Q factor (typically around 50 at microwave

frequencies) than the on chip inductors and are also used for VCO resonator de-

signs [50]. However, small bond wire inductors at hundreds of pH are very sensitive

to the production fluctuations.

One way to improve the Q factor of C ′
1 is to choose a larger capacitance of

C1 with a higher Q factor to compensate the poor Q factor of Cπ. The Q factor
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of C2, which is in most cases a varactor in VCO designs, is limited as shown

in Fig. 4.19(b). However, this can be compensated by applying a parallel MIM

capacitor with a higher Q factor, under the penalty of a narrowed tuning range.

4.3.3 A 35 GHz VCO

Fig. 4.21(a) shows the schematic of a 35 GHz Colpitts VCO. The design is a modi-

fied version based on the VCO described in [51]. As was discussed in Chapter 2, the

reference spurious level can be decreased by reducing the VCO gain. In this work,

to reduce the VCO gain, only part of the varactors are tuned by the PLL through

a fine tuning port; the rest are controlled externally through a coarse tuning port.

The cascode transistors (Q3, Q4) work as an output buffer stage to boost the VCO

output power.

TFMSL

Output

VCC

(a) (b)

Figure 4.21: (a) Schematic and (b) Chip micrograph (300 μm × 180 μm exclusive

pads) of the 35 GHz differential Colpitts VCO with thin-film microstrip line as the

resonator inductor, C2,f = Varicap 1×4, C2,c = Varicap 2×6, Q1−4 = shp×4, (shp:

high performance transistor, see Tab. 4.1)

The resonator inductors are realized using Thin Film Microstrip Lines (TFMSL).

The characteristic of the inductors is shown in Fig. 4.22. The inductance is around

145 pH at 35 GHz. C1 was set to 200 fF. The fine tuning varactor varies from 27 fF

to 90 fF; the coarse tuning one varies from 81 fF to 270 fF. The load inductors
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LC and degeneration inductors LE were realized using planar spiral inductors with

inductance of 300 pH and 510 pH.

 0

 2

 4

 6

 8

 10

 0  5  10  15  20  25  30  35  40  45
 0.1

 0.12

 0.14

 0.16

 0.18

 0.2

Q
 F

ac
to

r

In
du

ct
an

ce
, n

H

Frequency, GHz

Q
L

Figure 4.22: Characteristics of the TFMSL as resonator inductor using top mental

layer 2, length= 260 μm, width = 3 μm

Fig. 4.23(a) shows the measured coarse tuning characteristics at a fine tuning

voltage of 0 V. The tuning range is from 32.8 GHz to 39.33 GHz. The measured

phase noise and output power is shown in Fig. 4.23(b). Comparing with the sim-

ulated results, the measured oscillator frequency at Vtune,coarse = 2 V is around

2 GHz higher; the measured frequency tuning ranged is around 2 GHz lower. The

phase noise is below -90 dBc/Hz at 1 MHz offset frequency over the complete

frequency range. The single ended output power is around -3 dBm.
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Figure 4.23: (a)Simulated and measured tuning characteristics of the 35 GHz

VCO at 0 V fine tuning voltage (b) Measured output power and phase noise of the

VCO at 1 MHz offset frequency
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The VCO power consumption is 37 mW at 5 V supply. The chip micrograph

is shown in Fig. 4.21(b) with a chip area of 300 μm × 180 μm exclusive pads.

4.3.4 A Dual-Core VCO

Conventional designs use multiple VCOs and switch between them to further in-

crease the frequency tuning range, under the penalty of increased chip area [52].

The emerging RF-MEMS technologies make multi-band VCO design in millimeter

wave range feasible by switching the resonator parameters, for example as dis-

cussed in [53]. However, even today, RF-MEMS do not have the maturity required

for commercial products because of reliability issues and extremely large chip area

consumption. Compared with RF-MEMS switches, the CMOS switches are more

practical for reconfigurable circuit designs at microwave frequency range. In this

work, a switchable dual-core VCO is designed using RF CMOS switches, which

achieves a tuning range of 40% centered at 20 GHz.

The schematic of the dual-core VCO is shown in Fig. 4.24. The VCO is based

on a modified differential Colpitts oscillator as discussed in 4.3.3. For example,

the VCO Core1 is formed by Q1, Q2, LB, CB, Cv,f and Cv,c. The two VCO

cores are controlled by RF CMOS switches S1-S4. The size of the CMOS switches

is optimized to L = 240 nm and W = 120 μm after the trade-off between the

on-resistance and the off-capacitances. The switches are placed outside of the

resonator cores, so that the degradation of the resonator Q factor by the parasitics

of the switches is negligible. The two resonator cores share the emitter degeneration

inductors and the collector load inductors, which effectively reduces the chip area.

When switches S1 and S2 are turned on and S3, S4 are turned off, DC current

is supplied only to Q1, Q2 and stimulates the oscillation; meanwhile Q3, Q4 are

switched off with a negligible DC leakage current of less than 1 μA flowing through.

Cascode output buffers are used after Q1-Q4.

Table 4.5: Parameters of the key components of the dual-core VCO

Parameter Value Parameter Value

LB 270 pH L′
B 230 pH

CB 300 fF C ′
B 200 fF

C∗
v,f 276 fF C ′∗

v,f 184 fF

C∗
v,c 644 fF C ′∗

v,c 414 fF

LE 540 pH LC 430 pH
∗maximum capacitance at VGW = 2.5 V
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Figure 4.24: Schematic of the dual-core wide tuning range VCO

The inductors are realized using the topmost aluminum layer with a thickness

of 3 μm. Spiral type inductors with tapered line width are designed as shown in

Fig. 4.25. The substrate loss tends to increase with increased line width. Due to

Eddy currents, the magnetically induced substrate loss is mainly in the center of

the spiral inductors, narrowed line widths in the inner turns are preferred. The

ohmic loss is predominantly in the outer turns, where wider line widths are pre-

ferred [54]. In this work, the inductor designs are assisted by the EM simulation

tool ADS Momentum. Fig. 4.26 compares the inductor performance between the

EM simulation using Momentum and the measurement results. The inductance

is 270 pH and the Q factor is around 11 at 20 GHz. The EM simulation results

match well with the measurement results.

The chip area is only 280 μm × 370 μm without pads. The voltage supply of the

VCO is 5 V with a current consumption of 12 mA. Fig. 4.27 shows the measured

frequency tuning characteristics of the dual-core VCO. The VCO can be tuned

from 15.9 to 23.9 GHz with a coarse tuning voltage from 0 to 5 V and a fine tuning

voltage from 0 to 3 V. The phase noise is measured using the Phase Noise Utility

of the spectrum analyzer Agilent 8565E. Fig. 4.28 shows the measured phase noise

of the dual-core VCO at 1 MHz offset frequency. At 15.9 GHz, the phase noise
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Figure 4.25: Chip micrograph of the dual-core wide tuning range VCO, 280 μm ×
370 μm exclusive pads
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Figure 4.26: Comparisons of the EM simulated (ADS Momentum) inductor per-

formance with the measurement results (a) Inductance (b) Q factor

at 1 MHz offset is around -108 dBc/Hz and at 23.9 GHz around -104 dBc/Hz.

The output power is around 2 dBm at 15.9 GHz and decreases slightly to around

-3 dBm at 23.9 GHz; the VCO output power over the complete tuning range is

sufficient to drive the divider of the PLL and the de-/modulators. Table 4.6 lists

the comparison of this work with previous publications.

4.3.5 Summary

In this section, the Colpitts type of oscillator was discussed, in terms of phase

noise optimization, power consumption and chip area reduction. A 35 GHz VCO
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Figure 4.28: Measured phase noise and output power of the dual-core VCO

was designed with a tuning range of 18% and phase noise of below -90 dBc/Hz

at 1 MHz offset frequency over the complete frequency range. A dual-core VCO

achieved a tuning range of 40% with a decent phase noise of below -100 dBc/Hz

at 1 MHz offset frequency; using switched resonator cores and shared DC feeding

and output loading inductors, the chip area was minimized down to 0.1 mm 2.
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Table 4.6: Measured VCO performance compared with prior published work

Parameter [55] [56] [57] This work

Technology
0.25 μm 0.13 μm 0.18 μm 0.25 μm
BiCMOS CMOS CMOS BiCMOS

f0(GHz) 20 26 23 20

Tuning range 2% 23.6% 16.5% 40%

Phase noise
-106 -92.6 -98 -104

dBc/Hz@ 1MHz

Chip area (mm2) 0.2∗ 0.12∗ 0.56∗∗ 0.1∗/0.3∗∗

Power
22.3 43 9 60

(mW)
∗ Without pads ∗∗ With pads
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4.4 Frequency Dividers

In a PLL, frequency dividers are used to adjust the frequencies of the VCO and

sometimes the reference signal to the comparison frequency. In other words, the

VCO frequency can be synthesized by multiplying the reference signal by the fre-

quency divider ratios.

In RF and millimeter wave ranges, static frequency dividers and dynamic ones

are probably the most popular types. Theoretically, the static divider can divide

the signal down to arbitrarily low frequencies, since the latches are able to hold

the signal levels for an arbitrarily long period [58]. The frequency range of the

dynamic divider is determined by the frequency response of the open loop [59].

Typically, the dynamic types have higher operating frequency than static ones.

Another type of frequency divider which is called injection locked frequency divider,

has been reported since the last decade [60][61]. It works similar to an injection

locked oscillator with an even higher operating frequency than the dynamic types.

However, its frequency range is narrower than for static and dynamic dividers [62].

4.4.1 Static Frequency Dividers

The static frequency dividers can be realized using edge triggered D flip-flops where

the Q-output is inversely fed back to the D-input as shown in Fig. 4.29. The

maximum operating frequency is determined by the speed of the D-latches. The

D-latch is implemented using the high performance HBT type from the SG25H3

technology (see Tab. 4.1) with a peak fT = 120 GHz at a collector current density

JC = 6 mA/μm2. The simplified schematic of the D-latch is shown in Fig. 4.30.

The minimum transistor size is applied to reduce the current consumption.

Figure 4.29: Block diagram of a static frequency divider
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Vcc

GND

Figure 4.30: Simplified schematic of a D-latch using HBTs

Such a static frequency divider can self-oscillate, with the oscillation frequency

indicating the operating speed of the divider. Fig. 4.31(a) shows the self oscillation

frequency versus the biasing current. The maximum self oscillation frequency is

achieved where the current consumption is 18 mA at VCC = 3.3 V. The input

sensitivity of a frequency divider is the required minimum input power. Fig. 4.31(b)

shows the simulated divider input sensitivity with a self-oscillation frequency of

17.8 GHz; more input power is required when the output frequency shifts away

from the self-oscillation frequency.
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Figure 4.31: (a) Self oscillation frequency versus power supply (b) Input sensitivity

of a static frequency divider versus input frequency

In most cases, the phase noise of the frequency divider is relatively low com-

pared with other blocks in PLLs. The intrinsic phase noise at low frequency offset

(below 10 MHz) of the static frequency divider is independent from the operating

frequency, because the phase noise is mainly contributed by the flicker noise of the
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transistors. A similar behavior was also observed from the low frequency noise of

a mixer type phase detector, see Section 4.2.1. The phase noise of the frequency

divider versus the input power level is shown in Fig. 4.32.
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Figure 4.32: Simulated phase noise of the static frequency divider at 2 GHz input

frequency, at input power Pin = -15 dBm, -10 dBm and -5 dBm

In the dual-loop PLL in this work, quadrature signals are required for the two

different types of phase detectors. Quadrature signals can be generated from a ÷2

static divider as shown in Fig. 4.29 if the input periodic signal has a 50% duty

cycle. Using 2 static ÷2 dividers as shown in Fig. 4.33, the quadrature signals can

be generated independent from the duty cycle of the input signals.

Figure 4.33: Block diagram of a static ÷4 frequency divider for quadrature signals

generation

4.4.2 Dynamic Frequency Dividers

The dynamic frequency divider, which is also called Miller frequency divider, was

introduced by R. L. Miller[63]. The block diagram is shown in Fig. 4.34, which

combines a mixer, a low pass filter and an amplifier. The sum frequency fin + fout
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in the output of the mixer is suppressed and the difference frequency fin − fout in

the output is then amplified and fed back to one of the mixer inputs. In this case,

the difference frequency is exactly half of the excitation signal frequency.

AmplifierLowpass Filter

Figure 4.34: Block diagram of a dynamic ÷2 frequency divider

The simplified schematic of the dynamic frequency divider is shown in Fig. 4.35,

where a Gilbert cell is used as the mixer. The smallest transistors were used in the

Gilbert cell, so that the least current is required to achieve the fastest speed. The

collector current of the emitter coupled pair is biased at 1 mA, which is half the

current at which fT peaks. The low pass filter is realized by the inherent low pass

effect of the mixing core and the emitter followers. Three emitter follower stages

work as level shifters and output buffers. The transistors in the first two emitter

follower stages are biased at 500 μA. The current in the output stage is biased at

2.2 mA.

Figure 4.35: Simplified schematic of dynamic ÷2 frequency divider, Q1−12 =

H3shp1 (high performance HBT, see Tab. 4.1).

The maximum operating frequency of the dynamic dividers is higher than the

static ones [64][65]. The maximum operating frequency is reached when the open
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loop gain goes below 0 dB at fin/2; the lower frequency limit is reached when the

open loop gain goes above 0 dB at 3fin/2.

Fig. 4.36(a) shows the simulated output power of the divider versus the input

frequency at -3 dBm input power. The input operating frequency range is 22 to

78 GHz. Fig. 4.36(b) shows the input sensitivity of the dynamic divider. With

increasing input frequency, it requires more power for the input signal.
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Figure 4.36: (a) Simulated output power versus the input frequency for Pin =

-3 dBm; (b) Simulated input sensitivity of the dynamic ÷2 frequency divider

Fig. 4.37 shows the simulated output phase noise of the dynamic frequency

divider at 30, 50 and 70 GHz input frequency with the same input power level

of -3 dBm. At 32 GHz, the output phase noise has a corner frequency of around

200 kHz, with a noise floor of -157 dBc/Hz. In this design, the dynamic frequency

dividers are used in the front of the multi-stage frequency dividers when the static

frequency divider fails at operation due to the speed limit. When comparing the

phase noise behavior with the static frequency divider as shown in Fig. 4.32, for

a 32 GHz input signal, after the 4-stage frequency dividing, the phase noise of

the dynamic divider will be much lower than the noise level of the static ones.

Therefore, the phase noise of the dynamic frequency divider in this design can be

neglected.

The DC bias point of the input port was set to 2.5 V. The complete power

consumption of the dynamic divider is 8.7 mA at 3.3 V supply.
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Figure 4.37: Simulated phase noise of the dynamic frequency divider at input

power Pin = -3 dBm and different input frequencies: 32, 50 and 70 GHz.

4.4.3 Prescalers for PLL

4.4.3.1 Prescalers for a 35 GHz PLL

In this work, a 6-stage frequency divider was designed for a 35 GHz PLL similar

to the one shown in [51]. The first stage is a dynamic frequency divider and the

remaining stages are designed with static frequency dividers as shown in Fig. 4.38.

:2:2
Q

I

:2
:2:2:2

Static

Dyn

Figure 4.38: Block diagram of the divide-by-64 frequency divider

The dynamic divider is the one described in Section 4.4.2. Since the operating

frequency reduces to half after each divider stage, the power consumption of each

static stage is optimized according Fig. 4.31(a). To generate an IQ output for the

dual-loop PLL, the last two static stages were designed as a ÷4 divider as discussed

in Section 4.4.1. The power consumption of each divider stage is listed in Tab. 4.7.

Table 4.7: Power consumption of each divider stage with output buffers

Divider@3.3V Dynamic Static 1 Static 2 Static 3 Static 4,5

Current, mA 8.7 9.5 7 5.6 4.5

In the multi-stage frequency divider designs, the phase noise of the input signal
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is improved by 20 · log 2 dB after each divide-by-2 stage. Since the phase noise of

the static frequency divider at low offset frequency is independent of the operat-

ing frequency, the last divider stage dominates the phase noise of the multi-stage

frequency dividers.

4.4.3.2 Prescalers for a 16-24 GHz Frequency Synthesizer

The prescaler for a 16-24 GHz frequency synthesizer (see Section 6.2) combines a

static ÷4 frequency divider and a multi-modulus programmable frequency divider

as shown in Fig. 4.39. The multi-modulus divider includes 4 stages of 2/3 dual-

modulus cells based on the one shown in [66]. The frequency divider ratio is

set by the program ports ”p” which vary from 24 to 24+1 − 1. In fractional-N

frequency synthesizer designs, the programmable ports ”p” can be controlled by a

ΣΔ modulator to achieve even finer frequency resolutions [67][68].

Static Divider
2/32/3 2/3

Sigma Delta Modulator

2/3

Figure 4.39: Block diagram of the prescaler for the 16 to 24 GHz frequency syn-

thesizer

The simplified block diagram of the 2/3 unit is shown in Fig. 4.40. It combines

three ”D-Flip-Flop+NAND” units and one D-Flip-Flop similar to the one described

in Fig. 4.29. The clock signals are driven by the input signals. The outputs of the

D-Flip-Flops feed back to one of the ”D” ports one after another. The divider

ratio is switchable between 2 and 3 by port ”p”. The mode in port ”Min” catches

the feed back from the other 2/3 units.

The schematic of the ”D-Flip-Flop+NAND” cell is shown in Fig. 4.41. The

NAND unit is implemented using an emitter coupled pair Q7,8 at the collector

port of Q3. Transistor Q9 is inserted at the collector port of Q4 for level shifting.

All the transistors were optimized to the minimum sizes to save power.

The bias point of the clock input is set to 1.5 V. The power consumption of the

”D-Flip-Flop+NAND” is 3 mA at 3.3 V.
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43

2 1

Figure 4.40: Block diagram of the ÷2/3 cell

Figure 4.41: Schematic of the ”D-Flip-Flop+NAND” cell, Q1−17 = H3shp1 (shp:

high performance HBT, see Tab. 4.1)

The complete power consumption of the programmable divider is 50 mA at

3.3 V supply. The chip micrograph is shown in Fig. 4.42 with a chip area of

670×270 μm2 exclusive pads.

The programmable frequency divider is fully characterized with a maximum

operating frequency of 7 GHz. Fig. 4.43 shows the output waveforms at a divider

ratio set from 16 to 31 at an input frequency of 5 GHz and input power of -5 dBm.

The divider ratio of the prescaler is tunable from 64 to 124 in steps of 4 after

combining the static ÷4 divider. The maximum operating frequency is up to

28 GHz, which fits well for the 16-24 GHz frequency synthesizer design. The

complete power consumption of the prescaler is 71 mA at 3.3 V supply. Table 4.8

lists the power consumption of each divider block.
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Figure 4.42: Chip micrograph of the programmable frequency divider by 16-31,

670×270 μm2 exclusive pads

Table 4.8: Power consumption of each divider stage with output buffers

Prescaler@3.3V 1st Static 2nd Static 2 Programmable

Current, mA 13 8 50

4.4.4 Multi-Ratio Frequency Dividers

The multi-ratio frequency divider was used in a 3 to 5 GHz reconfigurable receiver

(see Section 6.3). The dividers are used to expand the LO frequency range after

generated by the 16 to 24 GHz frequency synthesizer. The circuit block diagram

of the multi-ratio frequency dividers is shown in Fig. 4.47. The design includes

a static ÷2 frequency divider, a semi-dynamic ÷1.5/3 frequency divider, a 2-bit

multiplexer and a static ÷4 frequency divider at the output for the quadrature

signal generation.

As shown in Fig. 4.44, the semi-dynamic frequency divider is based on the prin-

ciple of a dynamic frequency divider [69]. Instead of feeding directly the difference

frequency from the mixer output back to its input, a ÷2N divider is inserted in

between. In this case, a frequency divide ratio of 2N + 1 and (2N + 1)/2N can

be achieved simultaneously. However, when the divider ratio 2N gets higher, the

sum and difference frequency at the mixer output becomes closer; a low pass filter

with steeper roll-off is required to suppress the sum frequency. In this work, a

divide-by-1.5/3 frequency divider was designed.

Fig. 4.45 shows the simplified schematic of the ÷1.5/3 frequency divider. It

is similar to the one described in Fig. 4.35, which includes a Gilbert mixer and 2

emitter follower stages. The divide-by-2 block was realized using a static frequency

divider, because of its wider operating frequency range than a dynamic one.
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Figure 4.43: Measured output waveforms of the programmable frequency divider

with divider ratio sweep from 16 to 31 by integer, fin = 5 GHz, Pin = -5 dBm.

Fig. 4.46 shows the simulated input sensitivity of this frequency divider. The

self oscillation frequency of the static divider is 15 GHz. The maximum operation

frequency is 57 GHz, which is limited by the static frequency divider, while the

minimum operation frequency is limited to 12 GHz by the dynamic frequency

divider.

The multiplexer was realized using high speed differential ECL circuits [70].

The complete design generates multiple frequency divider ratios 4, 6, 8 and 12.

The quadrature LO generation is essential for direct conversion transceivers [71].

The use of the ÷4 divider will generate accurate quadrature signals instead of using
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AmplifierLowpass Filter

Figure 4.44: Block diagram of a semi-dynamic frequency divider

Figure 4.45: Simplified schematics of the ÷1.5/3 dynamic frequency divider, Q1−6

= H3shp2, Q7−10 = H3shp8, Q11−12 = H3shp4, (high performance HBT, see

Tab. 4.1).

the bulky and lossy poly-phase shifters.

The chip micrograph is shown in Fig. 4.48, with a chip area of around 500×550 μm2.

Since this is a test chip for the complete receiver integration, only the single ended

quadrature outputs I+ and Q+ are connected to the pads to save chip area. The

divider ratio is switched using a 2-bit decoder.

The on-wafer measurement was done on a probe station; the output is mea-

sured using the spectrum analyzer Agilent 8565E. Fig. 4.49(a) shows the minimum

required input power for the dividers operating in the frequency range from 10 to

32 GHz. The output power of the 16 to 24 GHz VCO is above -3 dBm (see Section

4.3.4), which is high enough to drive the multi-ratio frequency dividers.

Fig. 4.49(b) shows the output power of the multi-ratio divider in different out-
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Figure 4.46: Sensitivity of the ÷1.5/3 dynamic frequency divider

Figure 4.47: Block diagram of the multi-ratio frequency dividers

Figure 4.48: Chip micrograph of the multi-ratio frequency dividers, 500×550 μm2

put frequency bands. The input frequency varies from 16 to 24 GHz, and the

output frequency range from 1.33 to 6 GHz is achieved with an output power from

-5.7 to -3.3 dBm. Since the output signals are in quadrature, they are suitable for
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driving directly the LO ports at the IQ de-/modulators.
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Figure 4.49: (a) Input sensitivity of the multi-ratio frequency dividers (b) Output

power of the multi-ratio frequency dividers versus output frequency bands

4.4.5 Summary

To select the type of dividers properly, tradeoffs need to be done between oper-

ating speed, frequency range power consumption and chip area. Static dividers

are preferred for relatively low frequency applications, since they have a wider rel-

ative operating frequency range and need less chip area. Dynamic dividers are

suitable for relatively high frequency applications, where static frequency dividers

fail. Two prescalers were designed for the frequency synthesizers based on different

applications. In the end, a high speed multi-ratio frequency divider was discussed;

the input frequency range was reduced to 40% to achieve a continuous frequency

sweep.

The performance of the frequency dividers discussed above is summarized in

Tab. 4.9:
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Table 4.9: Summarization of the key performance of the different types of frequency

dividers

Dividers
Input frequency range, Power,

GHz mW

Dynamic ÷2 22-76 29

Static ÷2 0.2-60 60

Semi-dynamic ÷3 12-57 66

Prescaler ÷64 22-76 131

Prescaler ÷16-31 0-7 182

Multi ratio ÷4/6/8/12 10-32 220
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4.5 Loop Filter

A typical active low pass filter includes an operational amplifier and R-C com-

ponents. Since the output of the loop filter controls directly the tuning port of

the VCO, it must be able to cover the effective VCO tuning voltage. In the IHP

SG25H3 technology, HBTs with a higher breakdown voltage (BVCEO = 7 V) were

provided as shown in Tab. 4.1. The HV type of HBT was used for the active loop

filter design, to achieve a higher output voltage swing. Due to the lack of PNP

transistors in the available technology, a quasi operational amplifier using all NPN

transistors was designed for the active loop filter based on the one discussed in [72].

Fig. 4.50 shows the schematic of the quasi operational amplifier. The input stage

is a common emitter differential amplifier. The DC biasing voltage of the input

is directly from the previous stage, which is the mixer type phase detector. The

emitter coupled pair is biased at 1.8 mA. The emitter followers are used as buffers

and level shifters. The output stage combines a common emitter and a common

collector to achieve the differential to single-ended conversion. The transient be-

havior of the amplifier is shown in Fig. 4.51(a) at 1 MHz operating frequency. It

indicates an output voltage swing of 5 V, which is sufficient to drive the tuning

voltage of the VCO.

Figure 4.50: Simplified schematic of the differential to single-ended amplifier as a

quasi operational amplifier, Q1,2 = HV†4×2, Q3 = MV* 4×1, Q4 = MV* 2×1,

Q5−9 = HV†2×1 (* Medium Voltage HBT, † High Voltage HBT, see Tab. 4.1)

The frequency response of the amplifier is shown in Fig. 4.51(b). The DC

voltage gain is 32.6 dB, and the 3 dB bandwidth is 1.33 GHz. In this work, the

PLL bandwidth is less than 20 MHz, which means the bandwidth for the amplifier

is high enough for the loop filter design.

Fig. 4.52(a) shows the schematic of the second order loop filter, which is an

active PI filter followed by an additional pole. The frequency response is shown in
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Figure 4.51: (a) Transient behavior of the amplifier with input frequency of 1

MHz and amplitude of 200 mV (b) Gain of the quasi operational amplifier

Fig. 4.52(b). The 3-dB bandwidth is at around 10 MHz and the phase margin is

around 52◦.
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Figure 4.52: (a) Schematic and (b) Frequency response of the second order low

pass filter
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4.6 Phase-Lock Indicator

In the dual-loop PLL design in this work, a phase-lock indicator is implemented

to detect the locking state and switch between the two loops. The block diagram

of the phase-lock indicator is shown in Fig. 4.53. The design is a modified version

based on the lock indicator as described in [51]. It combines an EXOR phase

detector, an RC low pass filter and a Schmitt trigger. The EXOR compares the

phase difference of the signals, the phase error is smoothed by the low pass filter

and then compared with a reference voltage level Vref . When the phase error is

below a certain threshold, the Schmitt trigger indicates the phase locked state.

Low Pass Filter Schmitt TriggerXNOR

refV

Figure 4.53: Block diagram of the phase-lock indicator

The schematic of the Schmitt trigger is shown in Fig. 4.54. It includes an

operational amplifier and buffers in the output stage. The internal reference voltage

with a hysteresis function is realized using a resistive voltage divider and an NMOS

switch NH . Assuming that initially Vin is higher than Vref , the output VId2 indicates

logic low, the switch NH is off and Vref = R1 · VDD/(R1 + R2 + RN). When Vin

reduces below Vref , the output VId2 indicates logic high, the switch NH is on and

Vref = R1 ·VDD/(R1 +R2). The hysteresis function is realized due to the variation

of Vref . The transistor sizes are listed in Tab. 4.10.

Table 4.10: Values of the key component of the Schmitt trigger, w and l are the

channel width and length of the CMOS transistors

N1−6 w = 3 μm, l = 270 nm

NH w = 16 μm, l = 270 nm

P1−4 w = 3 μm, l = 270 nm
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Figure 4.54: Simplified schematic of the Schmitt trigger

When the two signals are out of lock, an average phase error of π/2 will be

presented at the input of the Schmitt trigger; while in the lock state, the phase

error is zero. In practical designs, there are delay mismatches in the phase locked

holding loop, the frequency acquisition loop and the phase-lock indicator. The

phase error threshold is defined at π/6 for the quasi phase locking and π/3 for out

of lock indication.

The simulated transient behavior of the Schmitt trigger is shown in Fig. 4.55.

The input is a triangle signal with period of 400 ns. The hysteresis voltage is

around 0.5 V.

The low pass filter is realized using an RC network to smooth the pulses at the

output of the EXOR phase detector. In order to detect the locked state right after

the phase error drops below the threshold, the bandwidth of the RC filter shall be

comparable with the loop bandwidth of the PLL. In this work, the bandwidth is

designed at 10 MHz with RI = 8 kΩ, CI = 2 pF.
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Figure 4.55: Simulated transient behavior of the Schmitt trigger
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Fig. 4.56 shows the transient performance of the phase-lock indicator. The

input comparison signals are two square waves with a period of 2 ns and a phase

shift of 1/6 ns. The output of the EXOR is shown in the top figure, which is a pulse

signal with around 16.7% duty cycle; after the RC low pass filter, the voltage level

drops below the threshold voltage at 51 ns; and the indicator indicates a phase

locked state.

 0

 2

 4

 0  10  20  30  40  50  60  70  80

EX
O

R
ou

t

 0

 2

 4

 0  10  20  30  40  50  60  70  80

Fi
lte

r o
ut

 0

 2

 4

 0  10  20  30  40  50  60  70  80
time (ns)

ST
rig

ge
r o

ut

A
m

pl
itu

de
 (V

)

Figure 4.56: Simulated transient performance of the phase-lock indicator
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System Simulation and

Optimization

5.1 Frequency Response of the PLL

Frequency-acquisition loop

Phase-locked-hold-loop

Divider

PFD/CP

Figure 5.1: Schematic of the dual-loop PLL

The schematic of the dual loop PLL is shown in Fig. 5.1, which combines a

frequency acquisition loop and a phase locked hold loop. The phase locked hold

loop is an APLL with an active PI loop filter as shown in Fig. 3.1. Assuming

that the op-amp in the active filter is ideal, the frequency acquisition loop can be

approximated as a DPLL as shown in Fig. 3.4. The filter transfer function of the

frequency acquisition loop is similar to the one shown in Fig. 3.5, however with

a reversed polarity. The phase error current from the charge pump is injected

between R′
2 and RC . The loop bandwidth of the DPLL is set to around 3 times

66
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the bandwidth of the APLL to achieve a fast frequency acquisition. The loop

parameters are listed in Tab. 5.1

Table 5.1: Parameters of the frequency response simulation of the dual-loop PLL

Type APLL DPLL

Divider Ratio, N 32

fcomp, MHz 1000

ωn, rad/s 47M 142M

Damp factor, ζ 0.71 0.71

Unity Gain Bandwidth, MHz 11 32

Kφ 0.8 V 1.8 mA

KV CO, rad/(s·V) 1800M

R1, Ω 4k

C2, pF 5

R2, Ω 4k

R′
2, Ω 6k

RC , Ω 2k

R3, Ω 400

C3, pF 5

Fig. 5.2 shows the simulated frequency response of the APLL at open loop and

closed loop. The unity gain bandwidth is 11 MHz, and the phase margin is 52 ◦.
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Figure 5.2: Simulated frequency response of the integer-N PLL with open loop

(loop opened after the frequency divider) and closed loop in (a) amplitude and (b)

phase.

As discussed in Chapter 4, the VCO gain KV CO may vary by a factor of more
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than 5 for PLLs with wide frequency tuning range. From the damping factor equa-

tion in (3.9), the variation of KV CO may cause instabilities in the loop. Fig. 5.3(a)

shows the frequency response of the PLL with different VCO gains varying from

500 M to 2500 M rad/(s·V). At the lowest KV CO, the unity-gain bandwidth is

reduced to 6.5 MHz and the phase margin is reduced to 36◦. To compensate the

variation of the VCO gain, loop parameters such as R1, R2 and C2 can be designed

as reconfigurable. Fig. 5.3(b) shows that a stable frequency response with variable

KV CO is achieved after the compensation by optimizing the other loop parameters.

Tab. 5.2 lists the corresponded values of R1, R2 and C2, which can be adjusted

using CMOS switching networks or varactors in practical circuit designs.
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Figure 5.3: Frequency response of the PLL with variable VCO gain KV CO, (a)

original (b) after compensation by other loop parameters

Table 5.2: Loop parameters to compensate the variation of the VCO gain

KV CO, rad/(s· V) 500M 1000M 1500M 2000M 2500M

R1, Ω 1.1k 2.2k 3.3k 4k 4k

C2, F 5p 5p 5p 5.5p 6.9p

R2, Ω 6k 6k 6k 5.5k 4.3k

5.2 Phase Noise Modeling and Analysis

For the phase noise simulation and optimization of the dual-loop PLL, the sub-

blocks from the phase locked hold loop are considered as the dominant noise

sources; the noise behavior of the frequency acquisition loop is ignored since it
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is isolated from the final locked state. The phase noise of each block (here for PD

and loop filter is actual noise instead of phase noise) can be modeled using [73]:

φN,rms =

√
2 · (10L0

10 + 10
Lm1
10 + 10

Lm2
10 + 10

Lm3
10 + ...) (5.1)

Lm1 = L1 + 10 log
f1

f
(5.2)

Lm2 = L2 + 10 log
f2

f
(5.3)

Lm3 = L3 + 10 log
f3

f
(5.4)

where L0 is the SSB noise floor, f1, f2, f3 and L1, L2, L3 represent the frequency

and noise level at which the slopes are -10, -20 and -30 dB/decade as illustrated

in Fig. 5.4.

 ( log scale, Hz)

Noise Floor

Phase Noise
dBc/Hz

Figure 5.4: Phase noise modeling for the PLL components

Fig. 5.5 shows the modeled intrinsic phase noise of the VCO, phase detector,

divider and loop filter based on the simulation results shown in Chapter 4. The

VCO has a center frequency of 32 GHz; the low frequency noise of the phase

detector is the one at 1 GHz comparison frequency; the frequency divider operates

at 32 GHz input frequency.

The overall phase noise contribution function can be approximated as:

PNPLL =

{
(PNPD

Kφ
+ PNFlt

Kφ
+ PNDiv + PNRef ) · N ω � ωc

PNV CO ω � ωc

(5.5)

where PNPD and PNFlt are the intrinsic low frequency noise of the phase

detector and the loop filter; PNDiv, PNV CO and PNRef are the phase noise of the

frequency divider, VCO and reference oscillator; ω is the offset frequency and ωc

is the loop bandwidth.
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Figure 5.5: Phase Noise and low frequency noise modeling for (a) VCO, (b) Phase

Detector, (c) Frequency divider and (d) Loop filter (e) Reference crystal oscillator

from Crystek Cooperation

To obtain the optimum phase noise behavior, the loop bandwidth shall be

designed at the point where the intrinsic phase noise of the free running VCO and

the summation of noise contribution of the remaining PLL sub blocks cross [51].

As shown in Fig. 5.2, the summation of the noise contribution from the phase



5. SYSTEM SIMULATION AND OPTIMIZATION 71

detector, frequency divider and the loop filter has a noise floor of -125 dBc/Hz;

and the phase noise of the free running VCO crosses the -125 dBc/Hz noise floor

at 18 MHz, which is the optimum loop bandwidth.

Fig. 5.7(a) shows the comparison of the phase noise of different loop bandwidths.

The frequency divider ratio is set to 32. By varying the loop filter parameters R1,

R2 and C2, the loop bandwidth varies from 8.5 MHz to 38 MHz, while the damping

factor remains constant at 0.75. For the PLL with 8.5 MHz bandwidth, a ripple

of 10 dB was created by the VCO phase noise. For the loop with 38 MHz, at

frequency offsets from 18 to 38 MHz, the phase noise is no more dominated by the

VCO but the other components, and degrades around 5 dB when comparing with

the 18 MHz loop bandwidth. The loop with the 18 MHz bandwidth has better

phase noise performance than the ones with 8.5 MHz and 38 MHz. Tab. 5.3 list

the key parameters for the phase noise simulation of the PLL shown in Fig. 5.7(a)
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Figure 5.6: Phase noise of the simulated free running VCO at 32 GHz and the

noise contribution from the other PLL blocks (reference noise neglected)

Equation (5.5) indicates that a low divider ratio N can improve the phase

noise inside the loop bandwidth and consequently leads to a higher comparison

frequency. In frequency synthesizer designs, trade-offs shall be made among the

comparison frequency, the power consumption and operating speed of the multi-

/dual- modules frequency dividers. In fractional-N PLL designs, the speed of the

Σ-Δ modulator also limits the comparison frequency.

Fig. 5.7(b) shows the different phase noise of the integer-N PLL with frequency

divider ratios 32, 64 and 128. To have a fair comparison, the gain factors of the

VCO and the phase detector are kept constant for each state; the intrinsic phase

noise of each PLL sub component is accessed from the models shown in Fig. 5.5.

From (3.8), the loop bandwidth is automatically adjusted with the divider ratio
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Table 5.3: Parameters of the phase noise simulation of the integer-N PLL with

variable loop bandwidth

Unity-gain Bandwidth, MHz 8.5 18 38

Divider Ratio, 32

fcomp, MHz 1000

Damp factor, ζ 0.71

Kφ, V 0.8

KV CO, rad/(s·V) 1800M

R1, Ω 4k 4k 1k

C2, pF 20 5 5

R2, Ω 3k 6k 3k

R3, Ω 400

C3, pF 5

by a factor of
√

2. As expressed in (3.9), the damping factor ζ is kept constant by

varying the time constants τ1 and τ2.
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Figure 5.7: (a) Phase noise optimization of the PLL with variable loop bandwidth

Bw = 8.5, 18, 38 MHz, reference noise neglected (b) Phase noise optimization of

the PLL with variable frequency divider ratios N = 32, 64, 128, reference noise

included

For frequency offsets inside the loop bandwidth, the phase noise at higher offset

frequency degrades by 12 dB when the divider ratio increases from 32 to 128; the

phase noise at very low offset frequency is independent from the divider ratio, since

the phase noise of the reference signal is frequency dependent. For frequency offsets

outside the loop bandwidth, the phase noise is independent from the frequency
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divider ratio. Tab. 5.4 lists the key parameters in the phase noise simulation of the

PLL shown in Fig. 5.7(b).

Table 5.4: Parameters of the phase noise simulation of the integer-N PLL with

variable frequency divider ratios

Divider Ratio, N 32 64 128

fcomp, MHz 1000 250 62.5

ωn, rad/s 47M 34M 24M

Damp factor, ζ 0.71

Unity-gain Bandwidth, MHz 18 12 8

Kφ, V 0.8

KV CO, rad/(s· V) 1800M

R1, Ω 4k

C2, pF 5

R2, Ω 6k 8.5k 12k

R3, Ω 400

C3, pF 5

So far, the phase noise performance was analyzed without considering the ther-

mal noise of R1, R2 and R3 in the loop filter. The noise transfer function of the

resistors are listed in Table 5.5: at low frequency offset, the transfer function of

R1 is approximated to N , similar to the transfer function of the loop filter; the

transfer function of R2 can be approximated to 0; the transfer function of R3 is

attenuated by a factor of the filter gain, and therefore also can be neglected. At

high frequency offset, where the open loop gain is much smaller than N , the noise

contribution from R1, R2 and R3 can be neglected. As a conclusion, R1 shall be

low enough to avoid being the dominant noise source. However, as shown in (3.8),

to achieve a specified natural frequency ωn, a trade-off is required between R1 and

the area consumption of the on chip capacitor C2.

5.3 Transient Behaviors of the PLL

As was described in (3.11), the lock-in time is directly related with the loop band-

width ωn. Fig. 5.8 shows the simulated transient behavior of the APLL with

different unity-gain bandwidths varying from 4 MHz to 18 MHz. The initial fre-

quency is set to 31.9 GHz, and the final locked frequency is 32 GHz. At the phase

detector input, the initial frequency error is 3.125 MHz. From (3.10), the pull-in
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Table 5.5: Phase transfer functions of the resistive components in the active loop

filter of the PLLs, τ1 = R1C2, τ2 = R2C2

Noise Source Transfer Function Low Frequency High Frequency

R1
G

1+GH

√
sτ2+1

s(τ1+τ2)+1
N G

√
R2

R1+R2

R2
G

1+GH

√
sτ1

s(τ1+τ2)+1
0 G

√
R1

R1+R2

R3
G

1+GH

√
sτ3+1
Z(s)

N
Z(s)

G
Z(s)

process can be neglected and the lock-in process starts immediately. At 4 MHz

bandwidth, the lock-in time is around 0.5 μs. By increasing the bandwidth to 18

MHz, the lock-in time is reduced to 0.13 μs. The other loop parameters are listed

in Tab. 5.6.
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Figure 5.8: Transient simulation of the PLL with variable 3-dB bandwidth 4, 8.3,

18 MHz

Fig. 5.9 shows the transient lock-in process with different loop damping factors

ζ= 0.36, 0.71, 0.95.

For a smaller ζ, the loop settles down with a larger over-shoot and in a longer

time. To further characterize the loop settling time, Fig. 5.9 is re-plotted as the

transient behavior of the normalized frequency error in log(Δω/ω0) in Fig. 5.10.

In this work, the locking point is defined as when the normalized frequency error

reduces below -80 dB, which is 0.01% of the targeted frequency. For ζ = 0.36, the

settle time is 0.5 μs; and reduces to 0.21 and 0.18 μs when ζ increases to 0.71 and

0.95. The other loop parameters for the variable damping factor simulation are

listed in Tab. 5.7.

When the difference between the initial frequency and the target frequency is

larger than the loop bandwidth, a pull-in process occurs. As in (3.10), the pull-



5. SYSTEM SIMULATION AND OPTIMIZATION 75

Table 5.6: Parameters of the transient simulation of the integer-N PLL with vari-

able loop bandwidth

Unity-gain Bandwidth, MHz 4 8.3 18

ωn, rad/s 12 M 24 M 47 M

Divider Ratio, N 32

fcomp, MHz 1000

Damp factor, ζ 0.71

Kφ, V 0.8

KV CO, rad/(s·V) 1800M

R1, Ω 16k 4k 4k

C2, pF 20 20 5

R2, Ω 6k 3k 6k

R3, Ω 400

C3, pF 5

 31.5

 31.6

 31.7

 31.8

 31.9

 32

 32.1

 32.2

 32.3

 0  0.2  0.4  0.6  0.8  1

Fr
eq

ue
nc

y,
 G

H
z

Time, μs

ζ= 0.36
0.71
0.95

Figure 5.9: Transient simulation of the PLL with variable damping factors ζ =

0.36, 0.71, 0.95

in time of an APLL is a function of ωn, ζ and proportional to the square of the

initial frequency offset Δω0. Fig. 5.11 shows the transient simulation of the PLL

with variable initial frequency offset Δω = 20M, 120M and 200M rad/s. The loop

bandwidth ωn is 18M rad/s, and the damp factor ζ is 0.71.

The 20M rad/s offset frequency is comparable with the loop bandwidth ωn , and

the pull-in time can be neglected. For the one with 120M rad/s frequency offset,

the pull-in time is 0.2 μs; and increases to 0.6 μs for the 200M rad/s frequency

offset. In practical designs with wide tuning range VCOs, the frequency offset can

be even larger than 600M rad/s; and the correlated pull-in time can be as long
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Figure 5.10: Transient normalized frequency error in the lock-in process with dif-

ferent damp factors ζ = 0.36, 0.71, 0.95.

Table 5.7: Parameters of the transient simulation of the integer-N PLL with vari-

able damp factors

Damp factor ζ 0.36 0.71 0.95

Divider Ratio, N 32

fcomp, MHz 1000

Unity-gain bandwidth, Hz 18 M

Kφ, V 0.8

KV CO, rad/(s·V) 1800M

R1, Ω 4k

C2, pF 5p

R2, Ω 3k 6k 8k

R3, Ω 400

C3, pF 5

as 5 μs. In worst cases, due to the initial DC offset of the phase detector or the

active loop filter, if the polarity of the DC offset does not correspond with the final

tuning voltage of the VCO, the PLL may never achieve the locked state.

In this work, the pull-in process is replaced by a frequency acquisition loop

using a 3-state PFD, which has a much shorter pull-in time than a mixer type PD,

especially when the frequency offset is larger than the comparison frequency. The

pull-in time of a DPLL is proportional to the initial frequency offset Δω0 instead of

Δω2
0 (see (3.17)). Fig. 5.12 shows the simulated transient response of a DPLL when

a 3-state PFD is applied comparing with an APLL as discussed above. The initial

frequency offset is set to 200M rad/s (around 31.25 MHz) at 1 GHz comparison
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Figure 5.11: Transient simulation of the PLL with variable initial frequency offset

Δω = 20M, 120M, 200M rad/s

frequency. The loop bandwidth of both types of PLLs is designed as 18 MHz. The

pull-in time by using the DPLL is now reduced from 0.5 μs to less than 0.05 μs.
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Figure 5.12: Transient simulation of the APLL in comparison with DPLL at

200M rad/s offset frequency

One of the most common methods to reconfigure the lock time of a DPLL

is to tune the loop bandwidth by varying the maximum current Icp of the charge

pump [74]. Fig. 5.13 shows the transient simulation of a DPLL with variable charge

pump current with an initial frequency offset of 400M rad/s. At Icp = 0.2 mA,

the pull-in time is around 0.3 μs. In this work, Icp is set to around 2 mA, and the

pull-in time is reduced to 0.03 μs.

In the dual-loop PLL designs, the phase error is indicated by a phase-lock

indicator. Once the phase error is below a certain threshold, the DPLL is switched

off and the APLL works as the dominant loop and locks the signal. Fig. 5.14
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Figure 5.13: Transient simulation of the DPLL with variable maximum charge

pump current Icp = 0.2, 0.5, 1.8 mA

shows the transient behavior of the single APLL and Dual Loop PLL. The initial

frequency offset Δω is 176M rad/s. The dual-loop PLL improves the pull-in time

from 0.4 μs to 0.03 μs.
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Figure 5.14: Transient simulation of the APLL and Dual-loop PLL



6

System Integration and

Experimental Results

In this chapter, three demonstrators are presented. The first demonstrator is a

fully integrated 35 GHz dual-loop PLL, with ultra-low phase noise and a fast lock

time, targeting Ka-band radar applications. The second demonstrator is a fully

integrated frequency synthesizer with ultra wide frequency tuning range from 16 to

24 GHz for multi-band satellite communications. The third demonstrator shows a

3 to 5 GHz reconfigurable receiver, where the wideband LO signals were generated

from the 16-24 GHz frequency synthesizer.

6.1 A 35 GHz Dual-Loop PLL

The block diagram of the 35 GHz dual-loop PLL is shown in Fig. 6.1. The design

is a modified version based on the PLL described in [51]. The frequency divider

ratio N is set to 64. The reference frequency centers at 550 MHz, and the output

frequency of the PLL centers at 35.2 GHz. The performance of the mixer type

PD, PFD, charge pump, frequency dividers, loop filter and the lock indicator was

discussed in detail in Chapter 4. The rest of the loop parameters are listed in

Table. 6.1.

Table 6.1: Loop filter parameters of the 35 GHz dual-loop PLL

R1, R
′
1, R2 4 kΩ RC 2 kΩ

C2, C
′
2 5 pF R′

2 6 kΩ

C3 5 pF R3 400 Ω

C4 1 pF R4 400 Ω

79
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EN

Mixer

Static Dynamic

Lock
Indicator

PFD CP

VCO

Figure 6.1: Block diagram of the 35 GHz dual-loop PLL

As discussed in Section 4.2, the frequency detecting range of the 3-state PFD de-

grades for comparison signals above 500 MHz. In this design, additional frequency

dividers are implemented in front of the PFD, which reduce the comparison fre-

quency to half of the one for the mixer type PD. The quadrature outputs of the

frequency divider feed the two phase detectors respectively. The pin descriptions

of the chip are listed in Tab C.1 in Appendix C.

All the blocks as shown in Fig. 6.1 are integrated on a single die. The chip

micrograph is shown in Fig. 6.2, with a chip area of 780 × 580 μm2. The total

power consumption is 220 mW.

The chip was characterized by on-wafer measurement. An Agilent 8254A sig-

nal source was used to generate the reference signal. The spectrum of the PLL

output was assessed using an Agilent 8565 EC spectrum analyzer. The frequency

acquisition loop has a separated voltage supply to minimize the noise interference

to the phase locked hold loop. When the frequency acquisition loop is disabled,

the locking range of the phase locked hold loop is only around 550 MHz. When the

frequency acquisition loop is enabled, the locking range is improved to 6.9 GHz.

The complete frequency tuning range of the PLL is from 31.9 GHz to 38.8 GHz.

The spectrum of the PLL output at 35 GHz center frequency is shown in
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Figure 6.2: Chip micrograph of the 35 GHz dual-loop PLL. The die size is

780×580 μm2

Fig. 6.3. The differential output power is -2 dBm after the compensation of the

loss on the cables and on-wafer probes.
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Figure 6.3: Spectrum of the PLL output with a center frequency of 35.008 GHz

and a span of 50 MHz

Fig. 6.4 shows the measured phase noise at 35 GHz center frequency for offsets

from 3 kHz to 300 MHz. The phase noise at 100 kHz offset is -100 dBc/Hz and

-106 dBc/Hz at 1 MHz offset. The first order reference spur at 550 MHz is -64 dBc

due to the leakage from the noisy charge pump after the switch of the frequency

acquisition loop. The bandwidth of the PLL is around 15 MHz. This work is

compared with previous publications in Tab. 6.2.
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Figure 6.4: Measured phase noise of the PLL at 35 GHz center frequency

Table 6.2: Measured performance compared with prior published work

This work [75] [76] [77]

Technology
0.25 μm 65 nm 90 nm 0.25 μm
BiCMOS CMOS CMOS BiCMOS

Frequency 31.9 35 39.1 28.5
range(GHz) to 38.8 to 41.9 to 41.6 to 32

Phase Noise
-106 -97.5 -90 -81(dBc/Hz)

1 MHz offset

fref (MHz) 550 36 50 125

Ref. Spur
-64 -50 -54 -42

(dBc)

Power (mW) 220 80 64 287.5

Area (mm2) 0.58×0.78 1.6×1.9 1.77×0.87 0.7×0.8

6.2 A 16-24 GHz Frequency Synthesizer

The block diagram of the 16 to 24 GHz frequency synthesizer is shown in Fig. 6.5.

The dual-loop topology is similar to the one shown in Fig. 6.1. The prescaler

design was described in Section 4.4. The multi-modulus frequency divider has a

programmable divider ratio from 16 to 31. The dual-band VCO with 40% frequency

tuning range which was discussed in Section 4.3.4 is implemented in this design.

The comparison frequency is set to 210 MHz, which is mainly limited by the

operating frequency range of the programmable divider after the trade-off with
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the power consumption. A ÷2 frequency divider is used at the reference input to

generate the 90◦ phase shift for the two types of phase detectors. The reference

frequency is set to 420 MHz. The pin descriptions of the 16-24 GHz frequency

synthesizer are listed in Tab. C.2 in Appendix C.

Mixer

EN

Static Divider

Programmable Divider

CPPFD

Indicator
Lock

VCO

Figure 6.5: Block diagram of the 16 to 24 GHz frequency synthesizer

In this work, the loop response is designed to be reconfigurable by adjusting the

filter parameters R1, C3 (see Section 5.1) and the external coarse tuning voltage

(see Section 4.3.4). Tab. 6.3 lists the values of the filter parameters.

The chip micrograph is shown in Fig. 6.6 with a chip area of 1200×860 μm2.

The total power consumption is 520 mW. The chip is mounted on a Rogers 5880

substrate for characterization. An FR4 carrier was used below the Rogers sub-

strate. The evaluation board was cased in an aluminum package as shown in

Fig. 6.7.

The board was characterized using a method similar to the one used in the first

demonstrator. The output frequency of the PLL varies from 15.96 to 23.52 GHz

in steps of 0.84 GHz. When the external coarse tuning for the VCO is applied,

to compensate the resonator capacitance and maintain the lock state, the fine

tuning voltage which is controlled by the loop has to shift against the coarse tuning

voltage. The spectrum of the PLL output at different coarse tuning voltages is
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Table 6.3: Loop filter parameters of the 16-24 GHz dual-loop frequency synthesizer

Name Values

R1, R′
1,kΩ 2.1, 2.8, 4.4, 10

R2, kΩ 2

RC , kΩ 4

R2
′, kΩ 6

C2, C ′
2, pF 5

R3, kΩ 1.5

C3, pF 1, 3.5, 6, 8.5

R4, kΩ 5

C4, fF 200

Figure 6.6: Chip micrograph of the 16 to 24 GHz frequency synthesizer. The die

size is 1200×860 μm2

shown in Fig. 6.8 with a center frequency of 22.68 GHz and a span of 20 MHz.

The resolution bandwidth is 20 kHz. With various external coarse tuning voltages,

the loop behavior changes corresponding to the variation of the VCO control gain

KV CO. With a lower external tuning voltage, KV CO and the loop bandwidth are

increased, and the in-band phase noise behavior is improved. Together with the

switchable RC networks in the loop filter, the coarse tuning port can be calibrated

to achieve the best noise performance.

The differential output power is 0 dBm after the compensation of the cable and

connector losses. The measured phase noise is shown in Fig. 6.9, with the offset
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Figure 6.7: Evaluation board of the 16-24 GHz frequency synthesizer
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Figure 6.8: Spectrum of the PLL output in the lock state with a span of 50 MHz,

with various external coarse tuning voltages

frequency varying from 3 kHz to 30 MHz at center frequencies of 15.96, 20.16

and 22.68 GHz. For the 22.68 GHz center frequency, the phase noise at 100 kHz

offset is -104 dBc/Hz and -106 dBc/Hz at 1 MHz offset, which agrees well with the

simulation results. Due to the leakage from the noisy charge pump after the switch

of the frequency acquisition loop, a first order reference spur of -60 dBc is observed

at the 210 MHz offset. Table 6.4 lists the comparison of the key parameters with

previous publications.
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Table 6.4: Measured performance of the 16-24 GHz PLL compared with prior

published work

This work [78] [79] [80]

Technology
0.25 μm 65 nm 0.13 μm 0.25 μm
BiCMOS CMOS BiCMOS BiCMOS

Frequency 15.96 20 15.95 17.5
range(GHz) to 23.52 to 28 to 18.81 to 18.9

Phase Noise
-106 -91 -101 -110(dBc/Hz)

1 MHz offset

fref (MHz) 210 27 285.7 N/A

Ref. Spur
-60 N/A -60 to -77 -65

(dBc)

Power (mW) 520 N/A 144 N/A

Area (mm2) 1.2×0.86 N/A- 1×0.68 5

6.3 A 3-5 GHz Reconfigurable Receiver

With the emergence of new communication standards and allocated frequency

bands, a highly reconfigurable RF front-end which is able to adjust to the tar-

geted operating frequency ranges and applications is desired. An agile frequency

synthesizer which covers all the specified frequency bands is one of the biggest

challenges in the RF frond-end design. As a proof of concept, a 3-5 GHz reconfig-

urable receiver targeting small cell base station applications was designed with a
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fully integrated frequency synthesizer.

A direct down conversion architecture is proposed for the reconfigurable receiver

design, because of its many attractive qualities over a heterodyne architecture such

as: higher flexibility, fewer components and lower costs [81][82]. However, it also

has some well known design challenges such as 1/f noise, DC-offset, IQ mismatch,

LO radiation and so on. Several techniques have been proposed to solve the 1/f

noise and DC-offset problems. An approach using a modified differential voltage

current conveyor to replace the high value capacitor in the high pass filter was

proposed in [83] for DC-offset cancellation. In [84], a method to achieve the DC-

offset cancellation with a faster settling time using pre-stored DC offset values

through a feedback loop was proposed. IQ mismatch within a certain tolerance

can also be corrected in the base band processing to achieve sufficient attenuation

of the interferences. Some algorithms for IQ imbalance correction with different

post and pre-FFT estimation and correction techniques were discussed in [85]. In

[86], a method for IQ imbalance correction for the application of OFDM WLAN

receivers was proposed; based on the estimation of a long OFDM preamble symbol,

an IQ imbalance of 3 dB in amplitude and 10◦ in phase can be tolerated.

The block diagram of the proposed receiver is shown in Fig. 6.10, which in-

cludes an LNA, an IQ demodulator, two Variable Gain Amplifiers (VGAs) and

two channel select filters and a frequency synthesizer for LO generation. The pin

descriptions of the 3-5 GHz direct down conversion receiver are listed in Tab. C.3

in Appendix C.

LNA

The schematic of the LNA is shown in Fig. 6.11(a). A cascode topology is used

to reduce the Miller capacitance of T1, thus increasing the gain and bandwidth.

A 0.17 nH inductive degeneration is used at emitter of T1 to improve the noise

figure [87]. A weak resistive feedback Rfeed of 700 Ω with a serial capacitor Cfeed

of 50 fF is used to further increase the bandwidth, under the penalty of degraded

gain and noise performance. A 2 nH inductive load LC is used instead of a resistive

load to reduce the power consumption; a 15 Ω series resistor R2 is added to the

load to improve the stability. A 1.5 nH inductance Lb is required for the 50 Ω

input impedance matching at 4 GHz center frequency, which can be realized by

the indispensable bond wire at the input of the LNA.

Fig. 6.11(b) shows the comparison of the simulated S-parameters with the mea-

surement results. At a frequency range from 3 to 5 GHz, it has 17 dB gain with

±1 dB variation. The best input matching is achieved at 3.7 GHz by using a 1.5 nH
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Figure 6.10: Block diagram of a 3-5 GHz direct down conversion receiver
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Figure 6.11: (a) Schematic of a 3-5 GHz LNA (T1 = shp×40, T2 = shp×16,

T3 = shp×8 (see Tab. 4.1)) (b) Simulated and measured S-parameters

bond wire at the input. As shown in Fig. 6.12(a), the noise figure varies from 1.4

to 1.8 dB, which matched well with the simulation. The measured linearity is

shown in Fig. 6.12(b): at 4 GHz, the input 1 dB compression point is -7.2 dBm;

the input IP3 is 8 dBm. The complete power consumption is around 75 mW.

IQ demodulator

The IQ demodulator is designed based on a Gilbert Mixer. The simplified schematic
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Figure 6.12: (a) Noise Figure of the 3-5 GHz LNA (b) Linearity at 4 GHz

of the IQ mixer is shown in Fig. 6.13. To minimize the IQ mismatches, the transcon-

ductance stages of the in-phase and quadrature signals are merged to one common

emitter pair. The HBTs in the transconductance stage are optimized to an emitter

width of 0.84×16 μm and a collector current of 5 mA. The emitter width of the

HBTs in the switching quads is 0.84×4 μm. The input linearity is improved by

applying 50 Ω resistive emitter degeneration. Emitter followers and RC low pass

filters are added after the IQ outputs of the mixer. The corner frequency of the

RC filters is 530 MHz.

4

1 pF

300 

1.5 k

VCC

50 50 

60 

250 250 250 250 

Figure 6.13: Simplified schematic of an IQ mixer (T1,2 = shp×16, T3−10 = shp×4,

T11 = shp×8 (see Tab. 4.1))

The measured conversion gain is shown in Fig. 6.14(a): at 250 MHz IF fre-

quency, a conversion gain of 7-8 dB was achieved for the LO frequency from 3

to 5 GHz. The 1-dB input compression point of RF at fLO = 4 GHz and fIF =

200 MHz is -2 dBm. The RF IIP3 is 16 dB as shown in Fig. 6.14(b). The power
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consumption of the mixer is 68 mW.
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Figure 6.14: (a) Voltage conversion gain and (b) Linearity (fLO = 4 GHz,

fIF = 200 MHz) of the IQ demodulator

VGA

The VGA is implemented based a common emitter differential amplifier with vari-

able emitter degeneration values. The simplified schematic of the VGA is shown

in Fig. 6.3. The degeneration is realized using the on-resistance RC of the CMOS

switch N2. The gate voltage of N2 is controlled through a programmable resistor

RX .

4mA4mA

2k

1k1k3k3k

350350

Figure 6.15: Simplified schematic of the variable gain amplifier (T1,2= MV8×2,

T3,4= MV4×2, N1,2:w = 10 μm, l = 240 nm)

The measured VGA gain is shown in Fig. 6.16(a), which varies from 10 to 21 dB

in steps of 0.7 dB. The linearity of the VGA at 100 MHz is shown in Fig. 6.16(b).
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At the maximum gain state, the input 1 dB compression point is -13 dBm and the

IIP3 is 1 dBm; at the minimum gain, the input 1 dB compression point is -2 dB,

and the IIP3 is around 12 dBm. The power consumption of the VGA is 45 mW.
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Figure 6.16: (a) Measured gain of the VGA (b) Linearity of the VGA at maximum

and minimum gain at 100 MHz

Channel Select Filter

The channel select filter is implemented using a 4th order active RC low pass

filter with a multiple feedback Butterworth topology as shown in Fig. 6.17. The

operational amplifiers designed in CMOS have a DC gain of 23 dB and a bandwidth

of 600 MHz. Since the filter is placed after the LNA and VGA in the receiver chain,

the noise behaviour of the filter is not critical. The bandwidth is reconfigurable

with 4 specified bandwidths. The resistor and capacitor values for the filter are

listed in Table. 6.5.

Figure 6.17: Simplified schematic of a channel select filter

The measured frequency response of the filter is shown in Fig. 6.18, which

achieved 4 tunable bandwidths: 65, 97, 130 and 210 MHz. In the pass band, the
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Table 6.5: Resistor and capacitor values for the channel select filter

Capacitance pF Resistance Ω

C1 1.2 R1 720 - 4K

C2 0.135 R2 360 - 2K

C3 4 R3 300 - 1.7K

C4 0.45 R4 150 - 850

R5 1.1K- 5.5K

R6 400 - 2.2K

filter has 1 dB attenuation for all the 4 tunable bands. The out of band rejection

in the first alias is 32, 29, 28 and 27 dB respectively. The power consumption of

the filter is 160 mW.
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Figure 6.18: Measured gain of the channel select filter

The key performance of the sub blocks including gain, noise figure and linearity

is summarized in Tab. 6.6.

Table 6.6: Summaries of the key parameters of the sub circuits of the receiver

Parameters LNA Mixer VGAMAX Channel Filter

Gain (dB) 16 7 21 -1

NF (dB) 1.5 8.5 4.5 25-30

IIP3 (dBm) 7 16 1 23

The reconfigurability is focused on the variation of the operating frequency

band, the receiver gain, and the bandwidth of the baseband, which were real-
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ized by the wideband frequency synthesizer, the VGA and the channel select filter

respectively. The components and techniques which were used for the reconfig-

urable designs include RF-NMOS switches, variable capacitors and bias adjustment

through a digital controlled bus and D/A converters [88].

3-wire SPI slave registers, designed by IHP Microelectronics, were implemented

together with the receiver to configure the on chip operating parameters. The SPI

slave has 32 bits, realized using four 8-bits registers. In this design, 17 bits were

used for the receiver configuration; 1 read bit was used to indicate the PLL locking

status. The functions of the control bits are listed in Table 6.7 [89]. The SPI

master was from a commercial USB to SPI adaptor.

Table 6.7: Functions of the SPI control bits

Bit Counts Functions

4 Variable gain

2 Variable channel bandwidth

1 VCO core selection

4 Prescaler

2 Multi-ratio frequency divider

4 PLL loop bandwidth optimization

1 PLL lock indication

The chip micrograph is shown in Fig. 6.19 with a chip area of 2×1.3 mm2.

The LNA, as the most noise sensitive block, is placed on the top right corner of

the layout. The noisy digital blocks were placed at the bottom left of the layout

and isolated from the RF blocks using guard rings. The chip was packaged in

a 5×5×0.9 mm3 QFN32 package with a thermal ground pad of 3.1×3.1 mm2 as

shown in Fig. 6.20(a). The bonding diagram is shown in Fig. 6.20(b).

The packaged chip was mounted on a Rogers 5880 substrate with an FR4 carrier

designed as the test board as shown in Fig. 6.21 with a size of 65×50 mm2.

The voltage supply for the dividers, LNA, Mixer, channel select filter and the

digital block is 3.3 V, and 5V for the VGA. The VCO is supplied with 5.5 V and

the active loop filter is supplied with 6 V. Power management blocks were designed

on the test board to generate multi-voltages to supply difference sub circuit blocks.

The complete board is supplied with 6 V and the current consumption is 390 mA.

Before the characterization of the receiver performance, the first step is to

obtain the stabilized LO signals. An external coarse tuning is added to the VCO

to optimize the phase noise performance. The value of the external tuning voltage
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Figure 6.19: Chip micrograph of the 3 to 5 GHz receiver frond-end. The die size

is 2×1.3 mm2

(a) (b)

Figure 6.20: (a) Chip photo of the packaged 3-5 GHz reconfigurable receiver (b)

Bonding diagram of the reconfigurable receiver chip for packaging

needs to be pre-characterized at each LO frequency. In future work, the coarse

tuning can also be realized using on chip integrated digital-to-analog converters

and configured by the 3-wire interface. At fLO = 4 GHz, the phase noise of the

40 MHz IF signal is shown in Fig. 6.22, after adjusting the loop filter parameters

as discussed in the last section.
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Figure 6.21: Evaluation board of the receiver frond-end
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Figure 6.22: Phase noise of the 40 MHz IF at the receiver output, fLO = 4 GHz

(data was accessed from previous test board with non-packaged chip).

The measured receiver gain performance is shown in Fig. 6.23(a). For example,

at 4 GHz LO and 50 MHz IF frequency, the gain varies from 34 to 52 dB. The

Double Side Band (DSB) noise figure of the receiver is shown in Fig. 6.23(b). The

noise performance degrades around 1 dB when the receiver gain is changed from

maximum to minimum.

The measured variable gain behavior of the receiver is shown in Fig. 6.24(a),

the DC and low frequency signals are attenuated through an off-chip DC offset

cancellation unit. The linearity of the receiver is shown in Fig. 6.24(b). The IIP3

is -36 dBm for maximum gain, and -18 dBm for minimum gain.

Fig. 6.25(a) and 6.25(b) shows the measured receiver gain at different channel

select filter bandwidths with maximum and minimum gain at 4 GHz LO frequency.

At maximum gain, the 3 dB bandwidth is around 60, 85, 105, 150 MHz; at min-
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Figure 6.23: Measure receiver (a) gain and (b) DSB noise figure at 50 MHz IF

frequency
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Figure 6.24: (a) Receiver gain with variable gain steps and DC-offset cancellation

at fLO = 4 GHz (b) Linearity at maximum and minimum gain at fRF,1 = 4.05 GHz,

fRF,2 = 4.06 GHz

imum gain, the bandwidth is around 60, 90, 105, 130 MHz. Comparing with the

performance of the channel select filter, the bandwidth of the receiver is decreased

especially at higher frequency bands. This is mainly caused by the parasitics on

the testing board.

EVM (Error Vector Magnitude) is one of the most important figure of mer-

its to characterize the performance of wireless communication systems. EVM

offers insightful information about the transceiver such as phase noise, IQ mis-

match, non-linearity, LO leakage, thermal noise and so on. The EVM measure-

ment of this receiver was performed in the laboratory in Ericsson AB (Department

EAB/FJB/RLA, Stockholm), using a test bench for a base station receiver at 20

MHz LTE channel bandwidth for the 4th generation mobile communication sys-



6. SYSTEM INTEGRATION AND EXPERIMENTAL RESULTS 97

 0

 10

 20

 30

 40

 50

 60

106 107 108 109

G
ai

n,
 d

B

IF Frequency, Hz

BW 01
BW 02
BW 03
BW 04

(a)

−20

−10

 0

 10

 20

 30

 40

106 107 108 109

G
ai

n,
 d

B

IF Frequency, Hz

BW 01
BW 02
BW 03
BW 04

(b)

Figure 6.25: Measured receiver gain at different channel select filter filter band-

widths with (a) Maximum gain and (b) Minimum gain, fLO = 4 GHz

tems. The EVM for LTE base station applications was specified below 9% for

PDSCH (Physical Downlink Shared Channel) under modulation scheme 64QAM

[90]. The measurement results (Fig. 6.26(a) 6.26(b) [91]) show that this receiver

has a EVM value of around 4% (64QAM) and it is qualified for 4G base station

applications.

(a) (b)

Figure 6.26: EVM measurement of the 3-5 GHz receiver, 20 MHz downlink LTE

channel, channel select filter is set to (a) 150 MHz (b) 60 MHz and full IF-gain



7

Conclusions

In this thesis, fully integrated solutions for LO signal generation in wireless com-

munication systems for microwave and millimeter wave applications have been

achieved in a 0.25 μm SiGe BiCMOS technology SG25H3 from IHP Microelec-

tronics. A novel dual-loop PLL topology was investigated, which achieved ultra

low phase noise and fast locking simultaneously. The performance of the proposed

PLL is superior than the conventional digital PLLs. The key parameters for PLL

designs were analyzed in terms of frequency range, frequency resolution, phase

noise, spurious tones and lock time.

The sub block designs including phase frequency detectors, VCOs, frequency

dividers, loop filters and so on were discussed in detail:

A mixer type phase detector was designed with an operating speed up to 2 GHz

and a phase noise of -157 dBc/Hz at 1 MHz offset. A 3-state phase frequency

detector was designed in a CMOS technology, which had a low power consumption

of 3.3 mW.

Several static frequency dividers were designed, which covered the frequency

range from 200 MHz to 60 GHz; the trade-off between the operating speed and the

power consumption was analyzed. A ÷2 dynamic frequency divider was designed;

it had higher speed than static types under the same technology. A ÷3 semi-

dynamic frequency divider was also designed, with input frequency range from 12

to 57 GHz. A ÷16-31 prescaler was designed with an input frequency range up

to 7 GHz, which is suitable for fractional-N PLL designs. A multi-ratio frequency

divider was also realized, with an output frequency range from 0.83 to 8 GHz.

Methods to optimize the Colpitts type VCO were discussed; a 35 GHz Colpitts

VCO was designed with a frequency tuning range from 32.8 to 39.33 GHz and a

phase noise of below -90 dBc/Hz at 1 MHz offset. A 16 to 24 GHz dual-core VCO

was realized using switchable resonator cores, which achieved a frequency tuning

98
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range of 40% and a phase noise of below -100 dBc/Hz at 1 MHz offset; the chip

area was optimized to 0.1 μm2.

The PLL was simulated and optimized at a system level. Based on the intrin-

sic phase noise performance of the individual sub blocks, a proper designed loop

bandwidth optimized the overall phase noise performance of the phase locked hold

loop. The restriction of the lock time by the loop bandwidth and pull-in range was

relaxed by switching to the frequency acquisition loop in the pull-in process.

Three demonstrators were implemented. A 35 GHz dual-loop PLL with 6.9 GHz

tuning range, a ultra-low phase noise of -106 dBc/Hz at 1 MHz offset and a lock

time of less than 0.1 μs. The PLL achieved the-state-of-the-art performance in

terms of phase noise and locking speed. A 16 to 24 GHz frequency synthesizer was

designed with reconfigurable loop parameters and a phase noise below -106 dBc/Hz

at 1 MHz offset. By adding a multi-ratio frequency divider at the 16 to 24 GHz

PLL output, a continuous frequency sweep from 3 to 5 GHz was realized for the

LO signals of a wideband direct down-conversion reconfigurable receiver with an

EVM value of around 4% under modulation scheme 64QAM. The receiver was the

first ever reported receiver with wideband (3-5 GHz) continuous LO generation

units fully integrated on chip. It was qualified for the 4G base station applications.

Different voltage supply values were used for the sub blocks in the design, in

order to achieve the optimum output power, linearity or frequency range. Multiple

voltage regulators or charge pumps are required, which reduce the power efficiency.

In future work, the trade-off between the power efficiency and the other parameters

such as frequency range, chip area and so on needs to be further investigated.

Instead of generating a wide tuning voltage range (1 to 6 V) for the VCOs, VCOs

with multiple resonator cores can be implemented to increase the frequency tuning

range. To achieve a finer frequency step size for the frequency synthesizer, a sigma

delta modulator using the CMOS provided by the technology shall be studied. The

trade-offs among the speed, power consumption of the sigma delta modulator and

the comparison frequency of the PLL need to be investigated.
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sign and Optimization of 20 GHz LC-VCOs in SiGe:C BiCMOS Technology. Pro-
ceedings of the 4th IEEE International Conference on Circuits and Systems for
Communications, Shanghai, China, pp. 649–652, 26-28 May 2008.

[56] K. Kwok and J. R. Long. A 23-to-29 GHz transconductor-tuned VCO MMIC in
0.13 μm CMOS. IEEE JOURNAL OF SOLID-STATE CIRCUITS, 42(12):2878–
2886, December 2007.

[57] Pei-Kang Tsai and Tzuen-Hsi Huang. Integration of Current-Reused VCO and
Frequency Tripler for 24-GHz Low-Power Phase-Locked Loop Applications. IEEE
TRANSACTIONS ON CIRCUITS AND SYSTEMS, 59(4):199–203, April 2008.



BIBLIOGRAPHY 105

[58] Ali M. Niknejad and Hossein Hashemi. mm-Wave Silicon Technology 60 GHz
and Beyond. Springer Science+Business Media, February 2008, pp. 180–181.
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Appendix A

List of Symbols

Symbol Units Description
AE μm2 Emitter area of a transistor
BVCEO V Transistor breakdown voltage at the Collector-Emitter with

open base
BVCEO V Transistor breakdown voltage at the Collector-Base with

open emitter
Δω0 rad Initial frequency error of the PLL
fcomp Hz Comparison frequency of the PLL
fin Hz Input frequency of the frequency divider
fLO Hz Frequency of the local oscillator
fmax Hz Maximum oscillation frequency of a transistor
fref Hz Frequency of the reference
fT Hz Transient frequency of a transistor
fV CO Hz Frequency of the VCO
f0 Hz Center frequency of a VCO, no external tuning voltage ap-

plied
G,G(s) - Open loop gain of the PLL
Gfilter - Open loop gain of the loop filter
H - Feed back factor of the PLL
IB mA Base current of a transistor
IC mA Collector current of a transistor
Iee mA DC current of a common emitter differential amplifier
Icp mA Output current of a charge pump
KΦ V·rad−1 Gain of the phase detector
KV CO rad·s−1V−1 Frequency tuning gain of the VCO
L(Δω) dBc/Hz Phase noise of an oscillator
N,R - Frequency divider ratio
NFmin dB Minimum Noise Figure
PV CO Hz Power of the VCO signal
Pref Hz Power of the reference signal
PNPLL dBc/Hz Phase noise of the PLL
PNRef dBc/Hz Phase noise of the reference signal
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PNPD dBc/Hz Low frequency noise of the phase detector
PNFlt dBc/Hz Phase noise of the loop filter
PNDiv dBc/Hz Phase noise of the frequency divider
PNV CO dBc/Hz Phase noise of the VCO
φV CO rad Phase of the VCO signal
φref rad Phase of the reference signal
φerror rad Phase error of the PLL
φerror,max rad Maximum phase error of the PLL
QL - Load quality factor of a resonator
QU - Unload quality factor of a resonator
SIB

A2Hz−1 Flicker current noise at the base of a transistor
SIC

A2Hz−1 Flicker current noise at the collector of a transistor
TP s Pull-in time
TL s Lock-in time
τ1, τ2, τ3 s ime constant of the loop filter
VCC V Supply voltage of the circuit with BJTs
VCE V Collector emitter voltage of a transistor
VH V Voltage at logic high
VL V Voltage at logic low
VTune V Tuning voltage of the VCO
Verror V Error voltage at the phase detector output
ωc rad·s−1 Loop bandwidth of the PLL
ωn rad·s−1 Natural frequency of the PLL feed back loop
ω0 rad·s−1 Initial offset frequency of the VCO signal
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Abbreviations

APLL Analog Phase Locked Loop
BiCMOS Bipolar junction and CMOS transistor
CMOS Complementary Metal-Oxide-Semiconductor
DDS Direct Digital Synthesizer
DECT Digital Enhanced Cordless Telecommunications
DL Down Link
DLL Digital Locked Loop
DPLL Digital Phase Locked Loop
ECL Emitter Coupled Logic
EM Electro-Magnetic
ESD Electrostatic Discharge
EVM Error Vector Magnitude
E-UTRA Evolved Universal Terrestrial Radio Access
EXOR EXclusive OR
FET Field-Effect Transistor
FFT Fast Fourier Transform
FMCW Frequency-Modulated Continuous-Wave
HBT Hetero-junction Bipolar Transistor
HSPA High Speed Packet Access
IF Intermediate frequency
IIP3 Third-order Input Intercept Point
IQ In-phase and Quadrature
LNA Low Noise Amplifier
LO Local Oscillator
LTE Long Term Evolution
MASH Multi-Stage Noise Shaping
MEMS MicroElectroMechanical Systems
MIM Metal-Insulator-Metal
MMIC Monolithic Microwave Integrated Circuit
NF Noise Figure
OFDM Orthogonal Frequency-Division Multiplexing
PA Power Amplifier
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PD Phase Detector
PDSCH Physical Downlink Shared Channel
PED Phase Error Detector
PFD Phase Frequency Detector
PI Proportional Integral
PLL Phase Locked Loop
Q factor Quality factor
RF Radio Frequency
SAW Surface Acoustic Wave
SPI Serial Peripheral Interface
SSB Single Side Band
TFMSL Thin-Film Micro-Strip Line
UL Up Link
UMTS Universal Mobile Telecommunications System
VCO Voltage Controlled Oscillator
VGA Variable Gain Amplifier
WCDMA Wideband Code Division Multiple Access
WLAN Wireless Local Area Network
XTAL Crystal Oscillator
YIG Yttrium Iron Garnet



Appendix C

Pin Descriptions

Table C.1: Pin description of the 35 GHz dual-loop PLL

Name Pin Description

REF PLL reference signal input

V CO+ PLL RF output, positive

V CO− PLL RF output, negative

LOCK Phase locked indication signal output

V CC1 Power supply for PD; frequency dividers, 3.3 V

V CC2 Power supply for the active loop filter, 7.5 V

V CC3 Power supply for the VCO, 6.5 V

GND Analog ground

V DD1 Power supply for the PFD and other digital blocks, 3.3 V

DGND1 Digital ground

V DD2 Guard ring power supply, 3.3 V

DGND2 Guard ring ground
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Table C.2: Pin description of the 16 to 24 GHz frequency synthesizer

Name Pin Description

REF PLL reference signal input

V CO+ PLL RF output, positive

V CO− PLL RF output, negative

V TUNE Coarse tuning voltage of the VCO

BSL Band select control of the VCO, 0: 16-20 GHz, 1: 20-24 GHz

LOCK Phase locked indication signal output

D3:0 4 bits programmable frequency divider control

PR1, PR2 2 bits bandwidth control, resistive

PC1, PC2 2 bits bandwidth control, resistive

V CC1 Power supply for PD; frequency dividers, 3.3 V

V CC2 Power supply for the active loop filter, 7.5 V

V CC3 Power supply for the VCO, 6.5 V

GND Analog ground

V DD1 Power supply for the PFD and other digital blocks, 3.3 V

DGND1 Digital ground

V DD2 Guard ring power supply, 3.3 V

DGND2 Guard ring ground
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Table C.3: Pin description of the 3 to 5 GHz direct down conversion receiver

Name Pin Description

REF PLL reference signal input

GND Analog ground

VCC6 Power supply for PLL loop filter

VCC5 Power supply for frequency divider

VCC4 Power supply for VCO

VTU,C Coarse tuning voltage of the VCO

VCC3 Power supply for channel select filter

VCC2 Power supply for Mixer and VGA

RFIN+ RF input of the demodulator

RFIN− RF input of the demodulator

RFOUT RF output of the LNA

VCC1 Power supply for LNA

RFIN RF input of the LNA

IFm,I+ IF output of the demodulator

IFm,I− IF output of the demodulator

IFm,Q+ IF output of the demodulator

IFm,Q− IF output of the demodulator

IFI+ IF output of the channel select filter

IFI− IF output of the channel select filter

IFQ+ IF output of the channel select filter

IFQ− IF output of the channel select filter

MOSI SPI aster output slave input

MISO SPI master input slave output

RST SPI reset

CLK SPI clock

CS SPI chip select

V3.3 Power supply for digital blocks

VDD Power supply for SPI

GNDD Digital ground
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